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Preface

The predecessor volume of this book was published in 1996. In the years
since then, some things have changed and some have not.

Two of the things that have not changed are the desire for better
models and faster simulations. I performed the original simulations on
my “hyperfast” 133-MHz computer! At the time, I thought if I could just
get a faster computer, all of our SPICE problems would be history, right?
Today I am simulating on a computer that has a 2.6-GHz processor with
512 MB of RAM, and I would still say that simulations run too slow.
The computer technology has evolved, but so have the models. In 1996
we were performing simulations on 100-kHz power converters, whereas
today I routinely see 1- and 2-MHz power converters.

Another thing that has not changed is that I still routinely receive
comments such as “We don’t have time to simulate” or “Simulation
results don’t provide accurate answers.”

There have also been many changes since the earlier version of this
book. Design cycle times have been reduced, while performance require-
ments have generally become more difficult. The monolithic devices of
today incorporate much more technology with many more functions and
features than the devices of 1996. It is for these reasons that I would
argue that we must use SPICE or some other simulation tool to the
fullest extent possible.

Another change since the predecessor volume was published is that
many component manufacturers have jumped on the SPICE band-
wagon. Many semiconductor manufacturers publish SPICE models of
their devices, as do capacitor manufacturers and inductor manufactur-
ers. Many integrated circuit manufacturers publish SPICE models and
some even offer Internet-based simulation tools with preset templates
for their devices. Device models have generally improved in accuracy,
but beware: There are still plenty of poor models being published.

In order to keep this book as useful as possible, several changes were
made to the earlier version. I updated some of the example circuits to

xi
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xii Preface

reflect the higher level of technology and added actual measurement
results for many of the example circuits. This shows the correlation
that is possible and hopefully proves once and for all that SPICE will
provide very accurate results if you start with an accurate model.

The linear regulator chapter has been expanded. As simple and “low
tech” as these devices appear to be, I still see many design issues involv-
ing these devices. Hopefully, this additional information will improve
the understanding of how these devices operate and the issues that
surround them.

A chapter has been added on active power factor correction (PFC),
because it has become a much more widely used technology.

I hope that you will find the updates useful and wish you happy
simulating.

Steven M. Sandler
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Chapter

1
Introduction

The technology in the area of computer modeling and simulation is
growing at a rapid pace. As computers become faster and more capable,
new software provides greater capability. This progress in technology is
of great benefit to design engineers and to the companies that employ
them. This book is intended to show how to harness the capability of
computer modeling and the simulation of power circuits.

Why Simulate?

On more than one occasion, I have been asked (usually by my superi-
ors) why there always seems to be a quest for newer, faster computers
and software. Why are so many precious budget dollars requested for
conferences and training seminars? After giving this question a great
deal of thought, I have the following conclusions:

� Simulation saves money. Design flaws that are not detected until
the production cycle may delay schedules and significantly increase
production costs. Simulation is an aid to the early detection of these
errors. Monte Carlo and worst-case simulations help to ensure max-
imum production yield. With the help of simulation, expensive parts
and systems can be effectively debugged without the possibility of
destroying them.

� Simulation saves time. Circuits can be simulated on a computer
much more quickly than they can be built and evaluated.

� Simulation measures the immeasurable. Computer simulation al-
lows engineers to evaluate a circuit with the worst-case values or
difficult environmental conditions. It would be quite a challenge to
build a circuit that encompasses all worst-case component values, or

1
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2 Chapter One

to measure the effects of solar flares on circuit performance. Simula-
tion allows these types of conditions to be easily evaluated.

� Simulation promotes safety. Simulation allows the evaluation of
fault conditions, which may be dangerous to human life. Airline pi-
lots spend a considerable amount of time simulating emergency con-
ditions, of course, rather than practicing them.

About the SPICE Syntax Used in This Book

This book assumes that you already have a working knowledge of
SPICE, in particular PSpice R© from Cadence Design Systems. If this
is not the case, it is suggested that you review the manuals that accom-
pany your SPICE program before proceeding. A demonstration version
of PSpice is available from Cadence Design Systems at www.orcad.com
or www.ema-eda.com. The syntax used in this book is generally SPICE 2
or SPICE 3 based; however, several key PSpice extensions to the SPICE
language are utilized in the modeling process. These extensions greatly
enhance the simulation efficiency and ability to model various aspects
of a power ICs operation. (See the PSpice, SPICE 3, and Other SPICE
Extensions section.)

This book is intended to assist you in using SPICE during the de-
sign and analysis process. I strongly encourage you to run the example
simulations in order to get a better understanding of the capability of
the software and the modeling techniques. All example circuits in this
book are designed to be simulated using OrCAD’s Capture and PSpice,
although other versions of SPICE that are compatible with PSpice may
also be used. With a few modifications (described in the next section),
almost any SPICE software can be used to run the simulations. In ad-
dition, the design and modeling techniques are applicable to many dif-
ferent types of simulators. Some of the circuits, schematics, and SPICE
netlists are included on the enclosed CD for your convenience.

I have selected Cadence/OrCAD PSpice for several reasons:

� The PSpice simulator brings state-of-the-art technology to analog and
mixed-signal design software.

� It is one of the best SPICE simulators for power electronics and re-
lated applications. The libraries included with the simulator have a
large number of power semiconductor models, including IGBTs, SCRs,
triacs, power MOSFETs, power BJTs, and much more. All the models
are in unencrypted ASCII text files, so they can be easily edited.

� A software modeling utility is available as a part of most of the Ca-
dence/OrCAD’s offerings. This utility allows you to easily model your
own devices from a manufacturer’s data sheet parameters.

www.orcad.com
www.ema-eda.com
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� All of the power devices use sophisticated subcircuit structures, thus
providing very realistic behavior. PSpice’s behavioral modeling ac-
commodation is very powerful and extensive.

� Cadence/OrCAD is dedicated to the improvement of their products.
They are continually enhancing their software and adding features
that increase productivity.

� Cadence/OrCAD maintains a knowledgeable technical support staff
and works closely with engineers, in order to make their software as
productive as possible.

� PSpice is the most predominant SPICE-based simulator in use today.

PSpice, SPICE 3, and Other SPICE
Extensions

The majority of the models and circuit elements in this book utilize
SPICE 2G.6 syntax. Wherever possible, generic syntax is used so that
the models can be adapted to various simulators. However, some key
elements are modeled using PSpice specific and/or Berkeley SPICE 3
syntax extensions. In particular, SPICE 3 has an arbitrary dependent
source, or B element, that allows mathematical expressions of volt-
ages, currents, and other quantities to be used. PSpice extends the syn-
tax of the E- and G-controlled source elements even further in order
to add many behavioral modeling constructs including mathematical
and logical If-Then-Else expressions. Switches with or without hys-
teresis can be created in both PSpice and SPICE 3 and are also used
extensively.

The newer SPICE 3 elements provide greater flexibility and im-
proved performance. Their syntax and behavior are briefly reviewed
later, along with several other SPICE “extensions.” More information
is available in [5].

To emulate the nonlinear large-signal behavior, often found in power
devices, such models require arbitrary X-Y transfer functions. The poly-
nomial math features of SPICE 2, while universally accepted, are very
limited. Therefore, the more flexible Behavioral Math Expressions fea-
ture of Berkeley SPICE 3 is used extensively. In addition, there are
occasions when a procedural type of behavior is required. To produce
this functionality, PSpice uses an If-Then-Else syntax. This “syntax ex-
tension” has also been added to the Berkeley SPICE 3 B-element in
some versions of SPICE, but not all of them. Some SPICE vendors in-
clude a table-type function where the transfer function is defined by
a series of X-Y data points. The table function is supported in PSpice.
However, the advantage of the If-Then-Else capability over the table
model is that the transfer function between each X-Y data point can
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be nonlinear in the If-Then-Else syntax, whereas the Table model only
supports linear segments between points.

Nonlinear PWM IC models require basic digital logic functions such
as latches and flip-flops. These functions can be efficiently modeled in
several ways in PSpice, but are prohibitively complex to model, using
SPICE 2 polynomial syntax. Therefore, another PSpice syntax exten-
sion, Boolean Logic Expressions, was chosen to model the digital func-
tions.

If your simulator has support for the SPICE 3 functions and equiv-
alent support for the PSpice extensions, you can easily translate the
syntax used in this book.

PSpice is based on Berkeley SPICE. However, it has been significantly
enhanced over the generic Berkeley version in terms of its simulation
algorithms, graphical user interface, advanced multirun analysis, and
model support.

Shown later is the syntax for the Berkeley SPICE 3 element and
PSpice’s behavioral extensions, along with some examples on how to
translate the syntax extensions to other SPICE simulators.

Nonlinear Dependent Sources (B, E, and G
Elements)

Math expressions

The arbitrary dependent source (B element) allows an instantaneous
transfer function to be written as a mathematical expression. This B
element is a standard Berkeley SPICE 3 element. The expressions,
[EXPR], given for V and I may be any function of node voltages, currents
through any element, or a variety of traditional math functions. In
PSpice, the E- and G-controlled source elements are utilized:

Format: Bname N+N − [ I=EXPR ][V=EXPR ]

SPICE 3 Examples: B1 0 1 I = sqrt(cos(v(1)/(v(2,3))))
B4 outp outn V = exp(i(vdd)ˆ2)
B1 1 0 V = V(2) ∗ abs(I(V1)) + V(3)
B3 1 2 V = I(R1)
B2 2 3 I = {V(7) ∗ Sin(Time)}∗

∗Note: Some, but not all, SPICE simulators allow the keywords “Time,”
“Freq,” or “Temp” in B element expressions.

Format: EnameN + N − Value = {EXPR}
Gname N + N − Value = {EXPR}
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PSpice Equivalent Examples: G1 0 1
value = {

√
cos (v(1)/(v(2,3)))}

E4 outp outn value = {exp(pwr(I(vdd),2))}
E1 1 0 value = {V(2)∗ abs(I(V1)) + V(3)}
E3 1 2 value = {I(R1)}
G2 2 3 value = {V(7)∗ Sin(Time)}

The Berkeley SPICE 3 arbitrary source syntax begins with the letter
B. N+ and N− are the positive and negative nodes, respectively. The
values of the V and I parameters determine the voltages and currents
across and through the device, respectively. Unlike in PSpice, there
is no distinction between current-controlled (G element) and voltage-
controlled (E element) sources for the B element. If “I=” is given, then
the output is a current source. If “V=” is given, the output is a voltage
source. One and only one of these parameters must be given.

If-Then-Else examples in PSpice

The [EXPR] given in the Math Expressions section earlier can also
contain a special If-Then-Else logical expression. Many SPICE vendors
do not have an equivalent syntax for this capability, as shown later in
the PSpice examples, even though it is one of the most used modeling
constructs in Power IC modeling.

Format: Ename N+N− Value = {IF (Evaluation, Output Value1 or
Expression, Output Value 2 or Expression)}
More Simply: Ename N+N− Value = {if (Evaluation is true, then
V(N+, N−) = Output Value 1, else v(N+, N−) = Output Value 2)}

Evaluation, Output Value, and Expression may consist of any math ex-
pression discussed in the Math Expressions section, or Boolean opera-
tors. There is virtually no limit to the length or complexity of the ex-
pressions that can be used. The Evaluation expression can use greater
than “>” or less than “<” test. Equal is not allowed.

If-Then-Else examples

3 Input Nand gate with user-defined levels

PSpice: e1 4 0 value = {if(v(1) > 1.5, if (v(2) > 1.5, if (v(3) > 1.5,
0.3,3.5), 3.5), 3.5)}
Translation: If v(1) is greater than 1.5, then if v(2) is greater than
1.5, then if v(3) is greater than 1.5, then v(4) = 0.3; else v(4) = 3.5
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3 Region Limiter
PSpice: e1 4 0 value = {if (v(1)< .5, v(1)∗.5+.25, if (v(1)>1.53, 1.54,
v(1)))}
Translation: If v(1) is less than .5, then v(2) = v(1)∗ .5 + 2.5; else if
v(1) is greater than 1.53, then v(2) = 1.54; else v(2) = v(1)

Comparator
PSpice: e1 3 0 value = {if(v(1,2) < 0, 5, .2)}
Translation: If voltage difference v(1)−v(2) is less than 0, then v(3) =
5; else v(3) = .1

Voltage-Controlled Decision
PSpice: e1 2 0 value = {if(v(vctrl) < 0, v(3), v(4))}
Translation: If vctrl is less than 0, then v(2) = v(3); else v(2) = v(4)

Digital Logic Functions

The PSpice If-Then-Else element extension can be used to create mod-
els of digital logic functions. This is accomplished by including level
tests and Boolean operators in the [EXPR] function. PSpice is a true
native mixed-mode simulator, which has a full digital logic simulator
included within the program. PSpice also includes digital models of dif-
ferent logic families, and includes exact transistor representations or
IBIS (I/O Buffer Interface Specification) representations. The Boolean
logic methodology was chosen over these other two digital simulation
philosophies because of its efficiency and simplicity.

The E/G element expressions [EXPR] may consist of Boolean opera-
tors and any of the functions in the Math Expressions section. There
is virtually no limit to the length or complexity of the expressions that
can be used. The following operations are defined for the Boolean oper-
ations:

& − And | − Or

PSpice Examples:
ENand 5 0 Value = {If ((V(1) > 800mV) & (V(2) > 800mV) & (V(3) > 800mV), 0, 5)}
EOr 5 0 Value = {If ((V(1) > 800mV) | (V(2) > 800mV), 5, 0)}
EInv 3 0 Value = {IF (V(1) > 800mV, 0, 5)}

PSpice Example FFLOP Netlist
.SUBCKT FFLOP1875 1 2 11 12 5 6
∗ CLK D R S QB Q
X1 7 4 2 8 NAND31875 0
X2 8 3 10 9 NAND31875 0
X3 1 8 10 7 NAND31875 1
X4 4 9 1 10 NAND31875 0
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X5 4 7 6 5 NAND31875 1
X6 5 10 3 6 NAND31875 0
X7 11 4 INV1875
X8 12 3 INV1875
.ENDS FFLOP1875
∗
.SUBCKT NAND31875 0 1 2 3 4
∗ Nand Gate with 0V initial output voltage, Node 4
E1 5 0 VALUE = {IF ((V(1) > 800mV) & (V(2) > 800mV) & (V(3) > 800mV), 0, 5)}
R1 5 4 40
C1 4 0 50P IC = 0
.ENDS NAND31875 0
∗
.SUBCKT NAND31875 1 1 2 3 4
∗Nand Gate with 5V initial output voltage, Node 4
E1 5 0 VALUE = {IF ((V(1) > 800mV) & (V(2) > 800mV) & (V(3) > 800mV), 0, 5 )}
R1 5 4 40
C1 4 0 50P IC = 5
.ENDS NAND31875 1
∗
.SUBCKT INV1875 1 2
E1 3 0 VALUE = {IF (V(1) > 800mV, 0, 5)}
R1 3 2 10
C1 2 0 20P IC = 5
.ENDS INV1875

PSpice Example Nand Netlist Using Math Equations
.SUBCKT X gate A B out
R1 A B 1meg
E1 3 0 Value = {(1 + tanh(1000∗(1.5−v(A))))∗(1 + tanh(1000∗(1.5−v(B))))}
R2 3 4 1
C1 4 0 1n
.ENDS

Switch Elements (S/W Elements)

Switches are a key part of most power electronics simulations. Switches
are frequently used to replace a semiconductor in order to speed the sim-
ulation. PSpice includes three different switches whose characteristics
make them suitable for different applications.

One of the most frequently used is the switch with hysteresis. If
your simulator supports all the standard Berkeley SPICE 3 elements,
then this switch can be used without any syntax changes. This type
of switch has only recently been included as a primitive element in
PSpice.

SPICE 3 syntax

Format: Sname N + N−NC + NC− modelname [ON] [OFF]
Format: Wname N + N− vname modelname [ON] [OFF]
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Example: S1 1 2 3 4 switch1
.Model switch1 SW Ron = 0.1 Roff = 1G
Vt = 1 Vh = .5

Example: W1 1 2 Vsense switch1
.Model switch1 CSW H Ron = 1m Roff = 1G
It = 1 Ih = .5

The SPICE 3 voltage-controlled switch begins with the letter S. N+ and
N− represent the connections to the switch terminals. The nodes NC+
and NC− are the positive- and negative-controlling nodes, respectively.
The device’s model name (modelname) is mandatory, while the initial
conditions are optional. ON or OFF specify the switch state for the DC
operating point calculation. The current-controlled switch begins with
the letter W, and the statement names a voltage source whose current
is used to control the switch. Otherwise the model parameters and
operation are the same.

The switch requires a .Model statement in order to describe the switch
characteristics. The model type parameter must be SW. Ron is the on
resistance, Roff is the off resistance, Vt is the threshold voltage, and Vh
is the hysteresis voltage.

In PSpice, the type of switch, either with hysteresis or with a smooth
transition region, is determined by the model parameters used in the
.Model statement. The settings for the PSpice switch with hysteresis
are explained below.

PSpice syntax—switch with hysteresis

Format: Sname N + N−NC + NC − modelname
Format: Wname N + N−vname modelname

Example: S1 1 2 3 4 switch1
.Model switch1 VSWITCH Ron = 1m Roff = 1G
Vt = 1 Vh = .5

Example: W1 1 2 3 4 switch1
.Model switch1 ISWITCH Ron = 0.1m Roff = 1G
It = 1 Ih = .5

In older versions of PSpice, the switch with hysteresis is not available.
Instead a subcircuit representation can be used to create this function.
Passed parameters replace the model parameters.

PSpice subcircuit syntax—switch with
hysteresis

.Subckt SWhyste NodeMinus NodePlus Plus Minus PARAMS:
+ RON = 1 ROFF = 100MEG VT = 1.5 VH = .5
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S5 NodePlus NodeMinus 8 0 smoothSW
EBcrtl 8 0 Value = {IF (V(plus)−V(minus) > V(ref), 1, 0 )}
EBref ref1 0 Value = {IF (V(8) > 0.5, {VT−VH}, {VT + VH})}
Rdel ref1 ref 70
Cdel ref 0 100p IC = {VT + VH}
Rconv1 8 0 10Meg
Rconv2 plus 0 10Meg
Rconv3 minus 0 10Meg
.Model smoothSW VSWITCH (RON = {RON} ROFF = {ROFF}
+ VON = 1 VOFF = 0)
.Ends SWhyste

The switch model allows an almost ideal switch to be described in
PSpice. The switch is not quite ideal; the resistance cannot change from
zero to infinity, but must always have a finite positive value. If the on
and off resistances are selected properly, they can be effectively zero
and infinity in comparison to other circuit impedances. The switch has
hysteresis, which is described by the Vh parameter. For example, the
voltage-controlled switch will be in the on state, with a resistance, Ron,
at Vt + Vh. The switch will be in the off state, with a resistance, Roff,
at Vt−Vh.

The use of an ideal element that is highly nonlinear, such as a
switch, can cause large discontinuities to occur in the circuit node volt-
ages. The rapid impedance change, which is associated with a switch
that is changing state, can cause numerical roundoff or convergence
problems. This leads to erroneous results or timestep difficulties. Con-
sequently, the following steps may be taken to improve the switch
behavior:

� Set the switch impedances to values that are only high and low enough
to be negligible with respect to other elements in the circuit. Using
switch impedances that are close to “ideal” under all circumstances
will aggravate the discontinuity problem. Of course, when modeling
real devices such as MOSFETs, the on resistance should be adjusted
to a realistic level, which depends on the size of the device that is
being modeled.

� If a wide range of on to off resistance must be used (ROFF/
RON > 1E + 12), then the tolerance on errors allowed during the tran-
sient analysis should be decreased. This is achieved by specifying the
.OPTION TRTOL parameter to be less than the default value of 7.0.
When switches are placed around capacitors, the .OPTION CHGTOL
parameters should also be reduced. Suggested values for these two
options are 1.0 and 1E−16, respectively. These changes inform PSpice
to be more careful near the switch points, so no errors are made be-
cause of the rapid change in the circuit response.
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Smooth Transition Switches

There are two other types of useful switch models. Both have the added
advantage of a more controlled and normally smoother transition re-
gion between the on and off states. This can greatly help simulation
convergence and are therefore recommended when hysteresis is not
required of the switch.

One method uses a subcircuit approach with a dependent source.
Another method uses different model parameters in the PSpice S/W
elements. Again, these switches do not have hysteresis.

PSpice syntax—smooth transition switch

Format: Sname N + N − NC + NC − modelname
Format: Wname N + N − vname modelname

Example: S1 1 2 3 4 switch1
.Model s1 VSWITCH Ron = 1m Roff = 1G Von = 1
Voff = .5

Example: W1 1 2 3 4 switch1
.Model s1 ISWITCH Ron = 0.1m Roff = 1G Ion = 1
Ioff =.5

Von/Ion is the control quantity that sets the on state. Voff/Ioff is the
control quantity that sets the off state. The resistance in the transition
region is set by the expression

Rs = exp(Lm + 3 · Lr · (Vc − Vm)/(2 · Vd) − 2 · Lr · (Vc − Vm)3/Vd3)

where Vc = voltage across control nodes
Lm = log-mean of resistor values = ln((RON·ROFF)1/2)
Lr = log-ratio of resistor values = ln(RON/ROFF)

Vm = mean of control voltages = (VON + VOFF)/2
Vd = difference of control voltages = VON − VOFF

Several similar resistance functions and instructions pertaining to their
use are given in [33].

The following SPICE 2–based subcircuit is actually a voltage-
controlled resistor. Therefore, it can be used as a switch or a poten-
tiometer. It is the simplest way to create a switch function in SPICE 2.
The switch is made with a voltage-controlled current source (G element)
tied back onto itself. The netlist is shown here.

The switch is very simple to use. Applying 0 V to the control input
(node 3) opens the switch. The open resistance is 1E12 � = R1. It
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3

1 2

Controlling Voltage
R(1,2) = 1/V(3)

*OPEN WHEN V(3,0) = 0,
*CLOSED WHEN V(3,0) <> 0
*ON RESISTANCE IS 1 / V(3)
*OFF RESISTANCE IS 1E12
.SUBCKT SWITCH 1 2 3
R1 1 2 1E12 ; Off Resistance
G1 1 2 POLY(2) 1 2 3 0 0 0 0 0 1
.ENDS

Switch Netlist

may be changed if desired. Applying any voltage to the switch-control
input (node 3) closes the switch, giving it a resistance of 1/V(3). For
example, applying a voltage pulse from 0 to 1 V to the control input will
change the resistance, which is seen from port 1 to port 2 from 1E12 to
1 �.

Note: Some SPICE programs require a resistor across the voltage-
dependent source inputs in order to have a DC path to ground.

Note: In some cases, when the S element switch is used in a model as
described in this book, the voltage-controlled resistor, or the smooth
transition switch version may be substituted. Figure 1.1 shows a sim-
ulation of the three different switches and their transfer functions.

Software Included with This Book

The CD that is included with this book contains some of the models,
circuits, schematics, and graphs found within the book. The schematics
utilize the OrCAD Capture/PSpice format. Capture is a schematic entry
program that has been specifically designed for use with the PSpice
simulator. Probe is a postprocessor, which is used to analyze SPICE
output files by way of waveform graphs and powerful signal processing
functions.

An evaluation version of OrCAD/PSpice is available free of charge
from ORCAD’s Web site, www.orcad.com.

SPICE-Based Analyses Types Used
in This Book
Operating point analysis

Produces the operating point of the circuit, including node voltages and
voltage source currents.

The DC analysis determines the quiescent DC operating point of the
circuit with inductors shorted and capacitors opened. A DC analysis,

www.orcad.com
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Controlling Voltage

Switch With
Hysteresis

Smooth Transition
Switch

Voltage Controlled
Resistor

Impedance

V1
PULSE

X1
PSW1

R2
100

R1
100

R3
100

V2
5V

V(1)
SWITCH

V(2)
BPSW1

V(3)
SELEM

V(5)
VIN

Tran
VIN

5.25

-250M
2.000  time

Tran
SELEM

2.62

-124M
2.000  time

  
Tran
BPSW1

2.62

-124M
2.000  time

Tran
SWITCH

5.24

-250M
2.000  time

  

5
4

3 2 1

2

3

1

Figure 1.1 The transfer function for the PSpice switch with hysteresis (selem), voltage-
controlled resistor (switch), and the PSpice smooth transition switch (PSW1).

known as the “Initial Transient Solution,” is automatically performed
prior to a transient analysis in order to determine the transient initial
conditions. A DC analysis, known as the “Small Signal Bias Solution,”
is performed prior to an AC small-signal analysis to determine the lin-
earized, small-signal models for all nonlinear devices. It should be noted
that these two operating point calculations can be different, depending
on the DC and transient stimulus that is used.

Transfer function analysis

Produces a small-signal DC transfer function.
The transfer function analysis calculates the small-signal ratio of

the output node to the input source, and also the input and output
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impedances of a circuit. This analysis may be used to determine the
small-signal gain and the input and output impedances of filter circuits.
Any nonlinear models, such as diodes or transistors, are first linearized
based on the DC bias point, and then the small-signal DC analysis is
performed.

Sensitivity analysis

Produces the DC and AC sensitivities of an output variable with respect
to all circuit variables, including model parameters.

The sensitivity function uses the direct approach [34] to support sen-
sitivity calculations for the DC and AC analyses. The DC sensitivity
is with respect to the DC operating point. SPICE calculates the differ-
ence in an output variable, either a node voltage or a branch current,
by perturbing each parameter of each device independently. Because
the solution is a function and not a number, the results may be highly
nonlinear or may demonstrate second-order effects in highly sensitive
components, or may fail to show very low, but nonzero sensitivity. Be-
cause each variable is perturbed by a small fraction of its value, zero-
valued parameters are not analyzed. This analysis is useful when trying
to find a worst-case scenario of circuit operation. By finding the most
sensitive components and moving their values accordingly, the circuit’s
performance can then be evaluated.

DC analysis

Produces a series of DC operating points by sweeping one independent
source, or two sources in a nested loop.

The DC analysis is used in applications that are dependent upon
static variables such as line regulation, load regulation, or the DC mod-
ulation gain of a power converter. The .DC function is a special subset of
the DC analysis feature. It is used to perform a series of DC operating
points by sweeping voltage and/or current sources and performing a
DC operating point at each step value of the source(s). At each step, the
DC voltages, currents, and computed device/model parameters can be
recorded. The DC statement defines the sources that will be swept, and
their corresponding increments. One or two sources can be involved in
the DC sweep. If two sources are involved, the first source will be swept
over its range for each value of the second source. This option is useful
for obtaining semiconductor device output characteristics or calculating
load lines.

AC analysis

Generates a frequency response/Bode plot of the circuit. Magnitude,
phase, real, or imaginary data are produced.
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The AC analysis is used to evaluate many performance characteris-
tics, many of which are covered in this book. It may be used to determine
traits such as circuit stability, impedance, and filter attenuation.

The AC analysis in SPICE computes the small-signal response of the
circuit. Output variables are recorded as a function of frequency. Before
the AC analysis is performed, SPICE first computes the DC operating
point of the circuit. It then determines the linearized small-signal mod-
els for all the nonlinear devices in the circuit, based on this operating
point. The resultant linear circuit is then analyzed over the specified
range of frequencies. It is very important to establish the proper DC
circuit biasing in order for the AC analysis to produce useful data. For
example, biasing an op-amp in its linear range will give different AC
results than if the op-amp is saturated.

Although the AC analysis performs a sinusoidal steady state analysis,
it should not be confused with a transient (time domain) analysis using
a large-signal SINE wave. The AC analysis is a small-signal analysis in
which all nonlinearities are linearized. For instance, if the DC biasing
of a transistor gain stage produces a gain of 10, then the gain will
remain 10, regardless of the input value. If the input is 1, then the
output will be 10. If the input is 100, then the output will be 1000.
The gain is linearized. Under nonlinear conditions, however, the gain
of the transistor will roll off as the input is increased. The “VName 1 0
SIN...” stimulus is only used for nonlinear time domain analyses, and
should not be confused with the “Vname 1 0 AC 1” frequency response
stimulus.

Frequency Mixing Note: The AC analysis is a single frequency anal-
ysis. Only one frequency is analyzed at a time. Therefore, circuits that
perform signal mixing will not benefit from the AC analysis. To see
frequency mixing, you will have to run a transient analysis and con-
vert the output waveforms into the frequency domain using a Fourier
transform.

Transient analysis

Runs a nonlinear time domain simulation.
The transient analysis computes the circuit response as a function of

time over any time interval. Output data, including node voltages and
voltage source currents, can be recorded. During a transient analysis,
numerous independent sources may have active time varying stimulus
signals.

It is often necessary to start an SMPS simulation with a predefined
set of operating conditions. The use initial conditions (UICs) keyword in
the .TRAN statement causes SPICE to skip the initial transient solution
(operating point), which is normally performed prior to the transient
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analysis. If this keyword is included, the values that are specified via
“IC =” specifications on the various elements and .IC statements, are
used as the sole source for initial conditions. The transient analysis will
begin with these values.

Fourier analysis

Fourier analysis provides a simple means for evaluating the harmonic
content of a time domain waveform. This analysis may be used to de-
termine performance characteristics, such as the conducted emissions
performance of a switching power supply or the harmonic content of
a sine wave output converter. A Fourier analysis can be performed by
SPICE, but is usually performed using a separate data postprocessing
program, which operates on the .PRINT transient simulation output
data.

Temperature analysis

SPICE allows the temperature of the circuit, or a particular element, to
be varied.

SPICE simulates circuits using a global temperature of 27◦C. This
can be changed using the .TEMP command. In addition, to set the tem-
perature for an individual device, this feature permits the simulation
of a temperature gradient, as well as a “hot” device. Individual device
temperatures are set directly on the device call line or in the .Model
statement.

Although the Monte Carlo, worst case, and optimization analyses are
not inherently part of SPICE 3, most commercial vendors have added
them to the list of simulation capabilities. They are an invaluable part
of SMPS investigation and design.

Monte Carlo and worst-case analysis

The Monte Carlo tolerance analysis is an ideal application for circuit
simulation. The effects of component tolerance variations are difficult
to assess by any other means. Imagine sitting in an engineering lab
and sorting resistors, capacitors, and other components, in an attempt
to find the worst-case tolerance extremes to place in your circuit.

This investigation is usually performed either as a worst-case anal-
ysis or as a Monte Carlo analysis. These analyses seem to be used in-
terchangeably, although they are quite different.

A worst-case analysis determines worst-case circuit performance, but
does not determine the statistical weighting of performance. As a gen-
eral rule, the worst-case analysis is preferred if the worst-case values
can be easily determined. In many cases, however, it is difficult to know
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which components must be varied, and in which direction, in order to
generate the worst-case result.

A Monte Carlo analysis provides the statistical weighting, but per se
does not provide the worst-case result. Monte Carlo analysis is gener-
ally used to calculate the mean and standard deviation of a particular
performance characteristic. This analysis takes significantly longer to
run than the worst-case analysis, because it requires many simulations.

Optimizer analysis

The optimizer analysis is a powerful PSpice feature that allows a series
of simulations and measurements to be automatically performed over
a range of component values, based on a design objective specified by
the user. Circuit variables may be swept through a specified range of
values. This feature is useful for determining, for example, the damping
components of an EMI filter as a design objective.



Chapter

2
SPICE Modeling of

Magnetic Components

Introduction

Magnetic components are a vital part of most power electronic equip-
ment, and the models used in a simulation must faithfully reproduce
or predict the behavior of the circuit. Most of the other electronic com-
ponents in these circuits have predetermined models that have been
derived from standardized components. Magnetic components, how-
ever, are rarely standardized and are generally designed for specific
applications. In most cases the model, or at least the component values
within the model, must be altered for each new circuit simulation.

PSpice has four basic magnetic component models built into it:

� A linear inductor
� An ideal transformer
� A coupled inductor model
� A nonlinear core model

All of these are very useful for simulation but must be used with some
care if the correct model is to be obtained.

In some cases, the model may fail dramatically, thereby giving grossly
erroneous results, as we shall see later. Most of the time, however, the
errors are more subtle. For example, the details of the noise and ringing
due to parasitics in the transformer may not be reproduced correctly.
Cross-regulation between windings with varying loads, high-frequency
winding losses, and the proper distribution of ripple currents in coupled
filter inductors are also quantities that are often not modeled accurately.

17
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Figure 2.1 Two basic transformer types.

These problems usually arise from shortcomings in the models that are
being used and can, for the most part, be corrected.

A common modeling problem arises because of a failure to realize
that there are two different basic types of transformers: junction and
mesh. Figure 2.1 illustrates these two transformer types, along with
the circuit equations that apply to each type.

The junction transformer is widely used in power conversion equip-
ment. It is usually the type used by schematic capture programs and is
also used to create ideal transformers having multiple windings.

The mesh transformer is very common for polyphase power applica-
tions and also appears in coupled filter inductors and other magnetic
control devices. There are also magnetic devices that are combinations
of mesh and junction transformers. In a network, these two types of
transformers behave very differently. The substitution of one for the
other in a simulation will lead to gross errors, as shown in the example
in Fig. 2.2.

This is a three-winding, three-leg mesh transformer. If a simple three-
winding ideal transformer (Fig. 2.2, upper right) is selected to simulate
this transformer, the output voltage phases will be correct only for some
excitations. If, for example, the center winding is excited, then the volt-
ages on the other two windings will be correct. However, if one of the
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Figure 2.2 Modeling of mesh transformers requires caution. The example above shows
how errors can be easily made.

outer leg windings is excited, as shown in the bottom left of Fig. 2.2,
then the phase of the simulated voltage (bottom right of Fig. 2.2) will be
incorrect. This represents a gross modeling error and illustrates why
the modeling must be performed carefully. The selected model will func-
tion correctly as a junction transformer, but it will not function correctly
as a mesh transformer.

Most simulation problems can be avoided by using models that are
extensions of the basic SPICE models. The most reliable way to create
these models is to base them on the actual physical structure of the
magnetic component. This is the principle behind the physical mod-
els that are derived using reluctance modeling and are described in
the Reluctance and Physical Models section. This approach has many
advantages beyond the simple generation of a model. Physical models
preserve the relationship between the simulation model and the actual
component. This means, for example, if the simulation shows excessive
voltage ringing due to a parasitic inductance element, this component
can be directly related to the structure of the device. This allows the de-
vice to be redesigned in order to reduce the problem. This interchange
between the simulation and the device design is a powerful tool. The
preservation of the intuitive connections between the device and the
simulation model also helps to avoid modeling errors and to interpret
the simulation results.
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Ideal Components in SPICE

Passive components

The built-in models in SPICE provide reasonable first-order approxi-
mations for circuit behavior. Unfortunately, most circuits must be de-
signed to be tolerant of second-order effects, at a minimum, and must
occasionally provide compensation in order to achieve a desired perfor-
mance level. Most frequently, the parasitic and second-order effects are
related to changes in frequency.

It may not be clear, especially to novice SPICE users, that when you
use a passive component, such as an inductor or a capacitor, you are
using an ideal element. Parasitics, such as equivalent series resistance
(ESR) or parasitic inductance, are not included. This is done intention-
ally in order to allow you to take advantage of the ideal nature of these
elements. However, parasitics can both dominate and plague a circuit
design. Therefore, accurate representations are an essential part of a
realistic simulation.

Electronic circuits are always modeled over a finite range of the elec-
tromagnetic frequency spectrum. There is no need to describe operation
of electrical components from DC through the RF, microwave, optical,
X-ray, and gamma-ray spectrums. Not only would the model be complex,
but it would be inaccurate and would provide unnecessary information.

The nodal equations that SPICE solves are valid only when the circuit
elements are small as compared with the wavelength of the highest fre-
quency of interest (high frequencies are limited below the optical band).
Even with this limitation, the useful frequency range runs from milli-
hertz to many gigahertz, over 15 orders of magnitude. The reactance
chart of Fig. 2.3 shows the expected range of parasitic inductance and
capacitance over this range. The darkly shaded region represents the
values of impedances that are realistically achieved with common R-L-C
components and printed circuit board technology. The lightly shaded
region of impedances can be viewed as a transition region where
parasitics become increasingly important. The boundary between the
lightly shaded region and the unshaded region represents the smallest
capacitance or inductance parasitic value, and therefore values in the
unshaded area are unrealistic for single discrete components. At the
high-frequency end, this suggests the use of smaller geometry mi-
crowave integrated circuits, while the extension of the impedance range
at lower frequencies requires larger geometries than are ordinarily
found in PC card technology.

The modeling additions for various components are shown in the pic-
torial inlays. First, resistors, which are basically defined at DC, turn
into effective capacitors or inductors; their impedance converges to
that of free space divided by the square root of the dielectric constant,
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Figure 2.3 Reactance chart for modeling R-L-C components.

something in the neighborhood of 125 � for PC cards. Similarly, ca-
pacitor and inductor impedances funnel toward the impedance of the
propagating medium at high frequencies and become resistive as the
frequency approaches DC.

Transformers

The usual method of simulating a transformer using SPICE is via the
specification of the open-circuit inductance that is seen at each winding,
and then the addition of the coupling coefficients to a pair of coupled
inductors. This technique tends to lose the physical meaning associ-
ated with leakage and magnetizing inductance and does not allow the
insertion of a nonlinear core. It does, however, provide a transformer
that is simple to create and simulates efficiently. The coupled inductor
type of transformer, its related equations, and its relationship to an
ideal transformer with added leakage and magnetizing inductance are
discussed in the next section.
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V2 = V1 * N2 / N1
I1 = I2 * N2 / N1
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+
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Figure 2.4 Ideal transformer with its voltage and
current relationships.

To make a transformer model that more closely represents the phys-
ical processes, it is necessary to construct an ideal transformer and
model the magnetizing and leakage inductances separately. The ideal
transformer is one that preserves the voltage and current relationships
shown in Fig. 2.4 and has a unity coupling coefficient and infinite mag-
netizing inductance. The ideal transformer, unlike a real transformer,
will operate at DC. This is a property that is useful for modeling the
operation of DC-to-DC converters.

The SPICE subcircuit for the ideal transformer is sometimes called
XFMR. The TURNS subcircuit performs a similar function with the
exception that the Ratio parameter is equal to 1/NUM (the number of
turns).

The SPICE equivalent circuit is shown in Fig. 2.5, and it implements
the following equations:

V1
∗ ratio = V2

I1 = I2
∗ ratio

E

F
RP

RS 

5

41

2

6+

V1

-

+

V2

-

.SUBCKT XFMR 1 2 3 4
E  5  4  1  2  {RATIO}
F  1  2  VM  {RATIO}
VM  5  6
RP  1  2  1MEG
RS  6  3  1U
.ENDS

Figure 2.5 The ideal transformer (XMFR or TURNS) model allows operation at DC and
the addition of magnetizing and leakage inductances, as well as a saturable core, in order
to make a complete transformer model. Parameter passing allows the transformer to
simulate any turns ratio.
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RP and RS are used to prevent singularities in applications where ter-
minals 1 and 2 are open circuit or terminals 3 and 4 are connected to a
voltage source. RATIO is the turns ratio from winding 1, 2 to winding 3,
4. The polarity “dots” are on terminals 1 and 3. Multiwinding topologies
can be simulated using combinations of this two-port representation
[3,4].

PSpice Coupled Inductor Model

The coupled inductor model is a classical network representation for a
transformer. As shown in Fig. 2.6, the model assumes that a transformer
can be represented by an inductor for each winding (L1, L2, . . . , Ln) and
a series of mutual inductances between the windings (M12, M13, . . . ,
M1n, . . . , Mnn).

Note: In PSpice, if all the inductor couplings have the same value the
coupling element may also be written as Kall L1 L2 L3 Couple value.

In matrix form, this is expressed as

⎡
⎢⎢⎢⎢⎣

V1
·
·
·

Vn

⎤
⎥⎥⎥⎥⎦ =

⎡
⎢⎢⎢⎢⎣

L11 · Mij · M1n
· L22 · · ·
· · · · ·
· · · · ·

Mn1 · · · Lnn

⎤
⎥⎥⎥⎥⎦

⎡
⎢⎢⎢⎢⎢⎢⎢⎢⎣

(
di1

dt

)
·
·
·(

din

dt

)

⎤
⎥⎥⎥⎥⎥⎥⎥⎥⎦

(2.1)

Algebraically, the two-winding transformer equations would be

ν1 = (L1)
di1

dt
+ (M12)

di2

dt
(2.2)

ν2 = (M12)
di1

dt
+ (L2)

di2

dt

L2

L3L1

M12 M23

M13

L1  4  5  1uH
L2  6  7  2uH
L3  8  9  3uH
K12  L1  L2  .999
K23  L2  L3  .950
K13  L1  L3  .995

Figure 2.6 SPICE coupled inductor model and associated netlist.
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L11 L22

L12

1:N

Figure 2.7 Structure of the Pi model.

Mutual inductance can be expressed in alternative form using coeffi-
cients of coupling, kij . A typical example would be

k12 = M12√
L1L2

(2.3)

In a transformer, kij will normally be very close to 1. A typical PSpice
listing for a coupled inductor is shown in Fig. 2.6.

This is an abstract model. Most engineers, however, will be thinking
in terms of a circuit model that has leakage and magnetizing inductance
and a turns ratio. An example of this type of model is shown in Fig. 2.7.

The circuit equations for this model are

ν1 = (L11 + L12)
di1

dt
+ (n L12)

di2

dt
(2.4)

ν2 = (n L12)
di1

dt
+

(
L22 + n2L12

) di2

dt

The relationship between the two models is

L1 = L11 + L12

L2 = L22 + n2L12 (2.5)

M12 = n L12

k12 = nL12√
(L11 + L12)(L22 + n2L12)

To use the coupled inductor model, it is necessary to first determine
the values in the Pi model and then convert them to the values for the
coupled inductor model. For two- or three-winding transformers, this
is a straightforward process, but when four or more windings are used,
the conversion relationships become quite complex. In these cases, it is
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better to stay with the physical model and implement it using the ideal
components that are available in PSpice.

There may be another problem with the coupled inductor model. In a
typical transformer, the magnetizing inductance (L12) might be 5 mH.
The leakage inductances may be only 0.5 µH. The value of k must be
specified with enough accuracy to recreate this difference accurately;
that is, a difference of 104. For n = 1, k12 = 0.99990 for the preceding
values. Inversion of Eq. (2.5) illustrates the problem:

L11 = L1 − k12

n

√
L1L2

L22 = L2 − nk12

√
L1L2 (2.6)

L12 = k12

n

√
L1L2

L11 and L22 are the small difference between two large numbers. In
general, you should compute kij to four decimal places.

Reluctance and Physical Models

The basic problem when simulating a magnetic component is to trans-
late the physical structure of the device into an equivalent electric cir-
cuit. PSpice will use the equivalent circuit to simulate the device. Re-
luctance modeling, combined with a duality transformation, provides a
means to accomplish this task. Reluctance modeling creates a magnetic
circuit model that can then be converted into an electric circuit model.

Table 2.1 shows a number of analogous quantities between electric
and magnetic circuits.

By comparing the form of the equations in each column, the following
analogous quantities can be identified:

� EMF (V ) and MMF (F )
� Electric field (E) and magnetic field (H ) intensities
� Current density (J ) and flux density (B)
� Current (I ) and flux (φ )
� Resistance (R) and reluctance (R ′)
� Conductivity (σ ) and permeability (µ)

Reluctance is computed in the same manner as resistance, that is, from
the dimensions of the magnetic path and the magnetic conductivity (µ).
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TABLE 2.1 Electric and Magnetic Circuit Analogous Quantities

Electric Magnetic

V ≡ electric circuit voltage F ≡ NI = magnetic circuit voltage
(Electromotive force) (magnetomotive force)

E ≡ electric field intensity H ≡ magnetic field intensity
V = − ∫

Ē • dl̄c = Elc F = ∮
H • dlm = Hlm

E = V
lc

H = F
lm

= NI
lm

J ≡ current density B ≡ magnetic flux density
J = σ E B = µH
σ = conductivity µ = permeability

µ0 = 4π × 10−7 H/m

I ≡ electric current φ ≡ magnetic flux
I = − ∫

s J • ds = JAc φ = ∫
s B • ds = BAm

R = resistance R′ = reluctance

R = V
I

= lc
σ Ac

R′ = F
φ

= lm
µAm

= N 2

L
G = 1/R = conductance P = 1/R′ = permeance

For a constant cross-sectional area (Am), the reluctance is

R′ = lm
µAm

(2.7)

where µ = µoµr
µr = relative permeability

The inductance of a magnetic circuit is directly related to R and N (the
number of winding turns):

L = N 2

R
= N 2 P (2.8)

and

M12 = N1N2

N12
= N1N2 P12

where P = permeance = 1/R′.
The example in Fig. 2.8 illustrates the development of the reluctance

model for a simple inductor with an air gap in the core. The model
develops as follows:
� Divide the core, including the air gaps, into sections and assign a

reluctance to each one (as shown in Fig. 2.8B).
� Compute the reluctance for each section.
� Assign a magnetic voltage source to the winding with F = NI.
� Draw the equivalent network as shown in Fig. 2.9.
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Figure 2.8 The development of the reluctance model for a simple inductor with
an air gap.

Figure 2.9 is the reluctance model that represents the magnetic struc-
ture at the top of Fig. 2.8.

Now we need to convert this reluctance model to an equivalent electric
circuit model, but before we can do that, it will help to briefly review the
duality transformation. We can then proceed to convert the reluctance
model.

An example of a duality transformation is given in Fig. 2.10. A node
is placed within each mesh, including the outer mesh. Branches, which
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Figure 2.9 Reluctance model for the inductor in Fig. 2.8.
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Figure 2.10 Review of the duality transform process.

intersect each of the branches in the original network, are connected
between each node. In each of the intersecting branches, current and
voltage are interchanged. The result is a new network that is the topo-
logical and electrical dual of the original network. A listing of dual
quantities is given in Table 2.2.

TABLE 2.2 Duality Relationships

Quantity Dual element

V I ∗
I V ∗
q φ∗
φ q∗
R R∗= G =1/R
G G ∗= R =1/G
C ←− −→ L∗
L C ∗

Open circuit Short circuit
Short circuit Open circuit

D D∗=1−D
Voltage generator Current generator
Current generator Voltage generator

Mesh Node
Node Mesh
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The conversion from a reluctance model to a circuit model requires
the following steps:

� Draw the reluctance (R′) model from the device structure and an
estimate of the flux paths.

� Using duality, convert the R′ model to a permeance (P) model.
� Scale the P model for the winding turns by multiplying P by N.
� Scale this model for the winding voltage by multiplying again by N.
� Replace the scaled permeances with inductors.
� For multiple windings, use ideal transformers in order to provide the

correct voltages.

A simple example shows how this process works. Keep in mind that
the objective is to convert the physical model, which is in terms of mag-
netic quantities associated with the actual structure, to an electrical
model, which is in terms of lumped inductances, ideal transformers,
and winding voltages and currents. This is the model we want to use
in the simulation. In Fig. 2.11A, the reluctance network has been sim-
plified by combining the material reluctances into one element and the
air gap reluctances into another. Figure 2.11B is the dual network in
which reluctances have become permeances, the magnetic current (φ)
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Figure 2.11 Reluctance modeling example.
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Figure 2.12 A two-winding transformer.

has become a magnetic voltage, the magnetic voltage source has become
a magnetic current source, and series branches have become parallel
branches.

The next step, Fig. 2.11C, is to scale the network in order to remove
N from the current source, thereby leaving only the winding current,
I. φ must be kept constant; the multiplication of the current source by
1/N implies that each of the permeances must be multiplied by N.

The winding voltages are introduced by invoking Faraday’s law,
V = Nφ. Each element in the network is now multiplied by N, as shown
in Fig. 2.11D. The resulting network is now in terms of the winding volt-
age and the permeances scaled by N 2. From Eq. (2.8), we know that
L = N 2 P, so that the scaled permeances can be replaced by inductances
(as shown in Fig. 2.11E and F).

We can now apply this process to a two-winding transformer like
that shown in Fig. 2.12. The reluctance model, which is shown in
Fig. 2.13, includes a voltage source for each winding (N1 and N2), a
reluctance for the common flux path (R12), and reluctances for the
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Figure 2.13 Reluctance model for a two-winding transformer.
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Figure 2.14 A realistic transformer model with multiple layers on the
center leg of an E-E core.

leakage flux associated with each winding (R11 and R22). The reluc-
tance model is transformed into a permeance model in Fig. 2.13B.
This model is then scaled using N1 as the reference winding, and
inductances are inserted as shown in Fig. 2.13C. The transformer
turns ratio is maintained via the use of an ideal transformer. This
is the well-known Pi model. As shown in Fig. 2.13D, L22 can be
moved to the secondary by scaling by the square of the turns ratio
(N 2

2 /N 2
1 ).

The transformer shown in Fig. 2.12 is easy to understand but reflects
a physical structure that is rarely used. A much more common trans-
former structure takes the form of multiple layers on a common bobbin,
on the center leg of an E-E core.

A cross section of such a transformer is shown in Fig. 2.14A, along
with reluctances that represent the core (R1 and R3) and the leakage
flux between the windings (R2). The corresponding reluctance model
and the final circuit model are shown in Fig. 2.14B and C. Note that
this model is different from the previous one (Fig. 2.13C). In the case
of two windings, the two models can be shown to be equivalent us-
ing a delta-wye transform. When four or more windings are present,
however, the model does not typically reduce to the Pi model. In
fact, the Pi model is not valid for transformers with more than three
windings.

The extension of Fig. 2.14 to an n-layer transformer is shown in
Fig. 2.15. In the typical case, where the magnetizing inductances are
large compared with the leakage inductances, the numerous shunt
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Figure 2.15 Extension of the reluctance generated circuit model to an n-layer
transformer.

magnetizing inductors can be replaced with a single shunt inductance,
as shown in Fig. 2.16.

� In most cases, the multiple magnetizing inductors in an n-winding
transformer can be reduced to a single equivalent without any great
error.

� An exception would be the case where there is an air gap on an outer
leg or a magnetic shunt is present.

Note that this model performs equally well for transformers with in-
terleaved winding layers. The layers that represent each winding are
simply connected in series in order to make the final model.

Even though this model is more complex than the simple Pi model,
it has the major advantage of correctly placing the leakage impedances
with respect to the windings. This helps to make the simulation of
cross-regulation, under varying winding loads, much more accurate in
a multiple-winding transformer.

Using this modeling process, more and more details from the physical
structure can be added to the model. The problem, however, is that the
model may become very complex. This makes it more difficult to use.
In general, the simplest possible model that gives acceptable results

Lm

 

Figure 2.16 Eliminating multiple magnetizing induc-
tance elements.
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Figure 2.17 A four-winding mesh transformer (A), along with its reluctance model (B),
and the resulting equivalent circuit (C).

should be used, and complex models should be avoided whenever possi-
ble. The need for a complex model depends entirely upon how accurately
the small details of the device performance need to be modeled and how
willing you are to develop the necessary model.

The following examples show more complex applications of reluctance
modeling.

Figure 2.17 gives an example of a four-winding mesh transformer that
might be used in a polyphase power system. The reluctance modeling
proceeds as shown previously and results in the model given in Fig.
2.17C. Note how different this model is from an equivalent four-winding
junction transformer. Instead of cascaded parallel windings, the wind-
ings are in series. This is because mesh and junction transformers are
topological duals.

Integrated magnetic structures that incorporate transformers and
inductors into a common structure are becoming more common. An
example of an integrated magnetic forward converter is given in Fig.
2.18a. A sketch of the magnetic structure is given in Fig. 2.18b. The
reluctance model and the series of steps required to convert it to a
circuit model are shown in Fig. 2.19. Again, the process is exactly as
shown earlier; however, it is more complex now. The completed model,
which has been inserted back into the circuit simulation, is shown in
Fig. 2.20.

Using the reluctance modeling procedure, the derivation of an appro-
priate model is straightforward, although a bit tedious. Without this
process, the appropriate model is far from obvious.
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Figure 2.19 The reluctance modeling procedure for the transformer used in the forward
converter.

Saturable Core Modeling

It would be difficult to accurately model power circuits without the abil-
ity to model magnetics. This section details the SPICE 2 and SPICE 3
methods that are used to simulate various types of magnetic cores in-
cluding molypermalloy powder (MPP) and ferrite. The presented tech-
niques can be extended to many other types of cores, such as tape
wound, amorphous metal, etc.
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Figure 2.20 The completed forward converter shows how the reluctance derived trans-
former is integrated into the circuit.

SPICE 2 Compatible Core Model

A saturable reactor is a magnetic circuit element consisting of a single
coil wound around a magnetic core. The presence of a magnetic core
drastically alters the behavior of the coil by increasing the magnetic
flux and confining most of the flux to the core. The magnetic flux den-
sity, B, is a function of the applied MMF, which is proportional to am-
pere turns. The core consists of many tiny magnetic domains that are
made up of magnetic dipoles. These domains set up a magnetic flux
that adds to or subtracts from the flux that is set up by the magnetizing
current. After overcoming initial friction, the domains rotate like small
DC motors and become aligned with the applied field. As the MMF is
increased, the domains rotate until they are all in alignment and the
core saturates. Eddy currents are induced as the flux changes, thereby
causing added loss.

A saturable core model that utilizes the PSpice subcircuit feature is
available [76]. The saturable core subcircuit is capable of simulating
nonlinear transformer behavior including saturation, hysteresis, and
eddy current losses. To make the model even more useful, it has been
parameterized. This is a technique that allows the characteristics of
the core to be determined via the specification of a few key parameters.
At the time of the simulation, the specified parameters are passed into
the subcircuit. The equations in the subcircuit (inside the curly braces)
are then evaluated and replaced with a value that makes the equation-
based subcircuit compatible with PSpice.
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.SUBCKT CORE 1 2 3
F1 1 2 VM1 1
G2 2 3 1 2 1
E1 4 2 3 2 1
VM1 4 5
RX 3 2 1E12
CB 3 2 {VSEC/500} IC={IVSEC/VSEC*500}
RB 5 2 {LMAG*500/VSEC}
RS 5 6 {LSAT*500/VSEC}
VP 7 2 250
D1 6 7 DCLAMP
VN 2 8 250
D2 8 6 DCLAMP
.MODEL DCLAMP D(CJO={3*VSEC/(6.28*FEDDY*500*LMAG)}
+ VJ=25)
.ENDS 

Figure 2.21 A netlist for a nonlinear magnetic core using SPICE
2 primitive elements.

The parameters that must be passed to the subcircuit include the
following:

� Flux capacity in volt-seconds (VSEC)
� Initial flux capacity in volt-seconds (IVSEC)
� Magnetizing inductance in henries (LMAG)
� Saturation inductance in henries (LSAT)
� Eddy current critical frequency in hertz (FEDDY)

The saturable core may be added to a model of an ideal transformer
to create a complete transformer model. To use the model, just place
the core across the transformer’s input terminals and specify the pa-
rameters. A special subcircuit test point has been provided to allow the
monitoring of the core flux (node 3). Because there are two connections
in the subcircuit, no connection is required at the top subcircuit level
other than the dummy node number.

A sample PSpice call to the saturable core subcircuit looks similar to
the following:

X1 2 0 3 CORE Params: VSEC = 50U IVSEC = − 25U LMAG = 10MHY
+ LSAT = 20UHY FEDDY = 20KHZ

The generic saturable core model is listed in Fig. 2.21.

How the Core Model Works

Modeling the physical process performed by a saturable core is most
easily accomplished by developing an analog of the magnetic flux. This
is done by integrating the voltage across the core and then shaping
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Figure 2.22 A simple B-H loop model detailing some core
parameters that will be used for later calculations.

the flux analog with nonlinear elements to cause a current flow that is
proportional to the desired function. This gives good results when there
is no hysteresis, as illustrated in Fig. 2.22.

The input voltage is integrated using the voltage-controlled current
source G and the capacitor CB (Fig. 2.23). An initial condition across
the capacitor allows the core to have an initial flux. The output current
from F is shaped as a function of flux using voltage sources VN and
VP and diodes D1 and D2. The inductance in the high-permeability
region is proportional to RB, while the inductance in the saturated re-
gion is proportional to RS. Voltages VP and VN represent the saturation
flux. Core losses can be simulated by adding resistance across the input
terminals; however, another equivalent method is to add capacitance
across resistor RB in the simulation. Current in this capacitive element
is differentiated in the model to produce the effect of resistance at the
terminals. The capacitance can be made a nonlinear function of voltage,

E4
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2 

Figure 2.23 The saturable reactor model. The symbol below the schematic reveals the
core’s connectivity and subcircuit flux-density test point.
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which results in a loss term that is a function of flux. A simple but effec-
tive way of adding the nonlinear capacitance is to specify a value for the
diode parameter CJO. The other option is to use a nonlinear capacitor
across nodes 2 and 6; however, the capacitor’s polynomial coefficients
are a function of saturation flux, thereby causing their recomputation
if VP and VN are changed.

Core losses will increase linearly with frequency. A noticeable in-
crease in MMF occurs when the core exits saturation, an effect that is
more pronounced for square-wave excitation than for sinusoidal excita-
tion, as shown in Fig. 2.25. These model properties agree closely with
observed behavior [5]. The model is set up for orthonol and steel core
materials that have a sharp transition from the saturated to the unsat-
urated region. The transition out of saturation is less pronounced for
permalloy cores. To account for the different response, the capacitance
value in the diode model (CJO in DCLAMP), which affects core losses,
should be reduced. Also, reducing the levels of voltage sources VN and
VP will soften the transition.

The DC B-H loop hysteresis, which is usually unnecessary for most
applications, is not modeled because of the additional model complexity.
This causes a prediction of lower loss at low frequencies. The hystere-
sis, however, does appear as a frequency-dependent function, as seen
previously, and provides reasonable results for most applications, in-
cluding magnetic amplifiers. The model in Fig. 2.23 simulates the core
characteristics and takes into account the high-frequency losses associ-
ated with eddy currents and transient widening of the B-H loop, which
is caused by magnetic domain angular momentum.

The saturable core model is capable of being used with both sine-
(Fig. 2.24) and square- (Fig. 2.25) wave excitation. The circuit in Fig.
2.27 was used to generate the graphs.

Calculating Core Parameters

The saturable core model is defined in electrical terms, thus allowing
the engineer to design the circuitry without knowledge of the core’s
physical composition. After the design is completed, the final electrical
parameters can be used to calculate the necessary core magnetic/size
values. The core model may be altered so that it accepts magnetic and
size parameters. The core could then be described in terms of N, Ac,
Ml, µ, and Bm, and would be more useful for studying previously de-
signed circuits. But the electrical model is better suited to the natu-
ral design process. The saturable core model’s behavior is defined by
the set of electrical parameters below. The core’s magnetic/size values
can be easily calculated from the following equations that use CGS
units.
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Parameters passed to model
VSEC Core capacity in volt-seconds
IVSEC Initial condition in volt-seconds
LMAG Magnetizing inductance in henries
LSAT Saturation inductance in henries
FEDDY Frequency when LMAG
Reactance = Loss resistance in hertz

Equation variables
Bm Maximum flux density in gauss
H Magnetic field strength in oersted
Ac Area of the core in cm2

N Number of turns
Ml Magnetic path length in cm
m Permeability

Faraday’s law, which defines the relationship between flux and voltage,
is given by the equation

E = N
dϕ

dt
× 10−8 (2.9)

where E is the desired voltage, N is the number of turns, and ϕ is the
flux of the core in Maxwell’s equation. The total flux may also be written
as

ϕT = 2Bm Ac (2.10)

Then, from Eqs. (2.9) and (2.10),

E = 4.44Bm Ac FN × 10−8 (2.11)

and

E = 4.0Bm Ac FN × 10−8 (2.12)

where Bm is the flux density of the material in gauss, Ac is the effective
core cross-sectional area in cm2, and F is the design frequency. Equation
(2.11) is for sinusoidal conditions, while Eq. (2.12) is for a square-wave
input. The parameter VSEC can then be determined by integrating the
input voltage, resulting in

∫
edt = NϕT = N × 2Bm Ac × 10−8 = VSEC (2.13)
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Also from E = Ldi/dt, we have∫
edt = Li (2.14)

The initial flux in the core is described by the parameter IVSEC. To
use the IVSEC option, you must put the UIC keyword in the “.TRAN”
statement. The relationship between the magnetizing force and current
is defined by Ampere’s law as

H = 0.4π N
i

Ml
(2.15)

where H is the magnetizing force in oersteds, i is the current through
N turns, and Ml is the magnetic path length in centimeters.

From Eqs. (2.13), (2.14), and (2.15) we have

L = N 2 Bm Ac

(
0.4 π × 10−8

)
H × Ml

(2.16)

With µ = B/H, we have

L (mag, sat) = µ (mag, sat)N 2 × 0.4 π × 10−8 × Ac

Ml
(2.17)

The values for LMAG and LSAT can be determined by using the
proper value of µ in Eq. (2.17). The values of permeability can be found
by looking at the B-H curve and choosing two values for the magnetic
flux: one in the linear region where the permeability will be maximum
and one in the saturated region. Then, from a curve of permeability
versus magnetic flux, the proper values of m may be chosen. The value of
µ in the saturated region will have to be an average value over the range
of interest. The value of FEDDY, the eddy current critical frequency,
can be determined from a graph of permeability versus frequency, as
shown in Fig. 2.26. If we choose the approximate 3 dB point for µ, we
can determine the corresponding frequency.

Permeability

Frequency

FEDDY value selected at various 
points depending on core gap. 
Use the approximate 3 dB point 
on curve for FEDDY value. 

Figure 2.26 The permeability versus frequency graph is used to deter-
mine the value for FEDDY.
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It should be noted that a similar core model can be constructed us-
ing generic physical parameters as opposed to generic electrical design
parameters. For example,

.SUBCKT COREX 1 2 3 PARAMS: BI=0 N=1
RX 3 2 1E12
CB 3 2 {N∗2∗BR∗ACORE∗1E-8/500} IC={BI/BR∗500}
F1 1 2 VM1 1
G2 2 3 1 2 1
E1 4 2 3 2 1
VM1 4 5
RB 5 2 {.625∗N∗UMAG/(LPATH ∗ BR)∗500}
RS 5 6 {.625∗N∗USAT/(LPATH ∗ BR)∗500}
VP 7 2 250
D1 6 7 DCLAMP
VN 2 8 250
D2 8 6 DCLAMP
∗ MULTIPLIER 3 AND VJ=25 GO TOGETHER
.MODEL DCLAMP D(CJO={3∗LPATH ∗ + BR/(6.28∗FEDDY∗500∗.625∗N∗UMAG)}
VJ=25)
.ENDS

where the passed physical parameters are as follows:

ACORE Magnetic cross-sectional area in cm2

LPATH Magnetic path length in cm
FEDDY Frequency when Lmag reactance = loss resistance
UMAX Maximum permeability, dB/dH
USAT Saturation permeability, dB/dH
BR Flux density in gauss at H = 0 for saturated B-H loop
BI Initial flux density, default = 0
N Number of turns

Using and Testing the Saturable Core

Saturable Core Test Circuit
.TRAN .1US 50US 0 .1US
.PROBE
.PRINT TRAN V(3) V(6) I(VM1) V(4)
R1 4 3 100
RL 2 0 50
X1 1 0 6 CORE Params: VSEC=25U IVSEC=-25U LMAG=10MHY
+ LSAT=20UHY FEDDY=25KHZ
X3 3 0 2 0 XFMR Params: RATIO=.3
VM1 3 1
V2 4 0 PULSE -5 5 0US 0NS 0NS 25US
∗ Use the above statement for Square wave excitation
∗ V2 4 0 SIN 0 5 40K
∗ Use the above statement for Sin wave excitation
∗ Adjust Voltage levels to insure core saturation
.END
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V(2)
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FLUX

I(V3) 

VOUT
Tran

6.56N

-6.91N
50.0U0 time

  

Figure 2.27 Saturable core test circuit schematic. I(V3) = I(VM1).

The test circuit shown in Fig. 2.27 can be used to evaluate a saturable
core model. Specify the core parameters in the curly braces and adjust
the voltage levels in the “V2 4 0 PULSE” or “V2 4 0 SIN” statements to
ensure that the core will saturate. You can use Eqs. (2.11) and (2.12) to
get an idea of the voltage levels that are required in order to saturate
the core. The .TRAN statement may also need adjustment, depending
on the frequency that is specified by the V2 source. The core parameters
must remain reasonable, or the simulation may fail. When the simu-
lation is finished, you can plot V(5) versus I(VM1) (flux versus current
through the core) to obtain a B-H plot.

An improved version of this model, adding low-frequency hysteresis
[100, 101], is shown below.

.SUBCKT CORE 1 2 3
DH1 1 9 DHYST
DH2 2 9 DHYST
IH1 9 1 {IHYST}
IH2 9 2 {IHYST}
F1 1 2 VM 1
G1 2 3 1 2 1
E1 4 2 3 2 1
VM 4 5
C1 3 2 {SVSEC/250} IC={IVSEC/SVSEC ∗ 250}
RB 5 2 {LMAG ∗ 250/SVSEC}
RS 5 6 {LSAT ∗ 250/SVSEC}
VP 7 2 250
D1 6 7 DCLAMP
VN 2 8 250
D2 8 6 DCLAMP
E2 10 0 3 2 {SVSEC/250}
.MODEL DHYST D
.MODEL DCLAMP D(CJO={3 ∗ SVSEC/(250 ∗ REDDY)} + VJ=25)
.ENDS
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where

SVSEC Volt-sec at saturation = BSAT · AE · N
IVSEC Volt-sec initial condition = B · AE · N
LMAG Unsaturated inductance = µo µR · N 2 · AE/LM

LSAT Saturated inductance = µo · N 2 · AE / LM
IHYST Magnetizing I @ 0 flux = H · LM / N
REDDY Eddy current loss resistance

SVSEC and IVSEC are based on peak flux values. LMAG: For an un-
gapped core, L = LM (total path around core); for a gapped core, µR = 1,
L = gap length, AE = core area (m2). LSAT: Use core dimensions but
with µR = 1. REDDY: Equals LMAG reactance when permeability ver-
sus frequency is 3 dB down.

Magnetizing current associated with low-frequency hysteresis is pro-
vided by current sinks IH1/IH2. With no voltage across terminals 1 and
2, these currents circulate through their respective diodes, and the net
terminal current is zero. When voltage is applied, the appropriate diode
starts to block and its current sink becomes active.

SPICE 3 Compatible Core Model

A magnetic core model has three major elements: permeability, hystere-
sis, and core loss. Unfortunately, both the permeability and the core loss
are nonlinear functions. The models in this chapter properly represent
the nonlinear permeability and the hysteresis. The core loss has not
been modeled in this SPICE 3 version.

The model is based upon the premise that a magnetic element is
represented by an inductance. The inductance is related to the perme-
ability and geometrical properties of the core. The current through the
inductor can then be simply stated as

I = 1
L

∫
Vdt

This function can be modeled as a simple integrator. To properly repre-
sent the B-H loop characteristics, the nonlinearities of the inductance
need to be defined.

Fortunately, graphical data are available that provide the percent-
age of initial permeability versus DC bias for several core types. Using
curve-fitting techniques, the nonlinear permeability can be approxi-
mated in closed-loop form. The nonlinear permeability can then be used
to modify the slope of the integrator. The resulting equation, which we
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will model, is

I = 1
L × %U

∫
Vdt

The results have shown that the B-H characteristics properly represent
the hysteresis and remenance effects of the core. Core loss must be
represented at a single operating condition or may be entered outside
of the model. This can be accomplished via the use of parameter passing.
In this case, the 3-dB point on the permeability versus frequency graph
was used. The configuration of the model is shown in Fig. 2.28.

In PSpice, the SPICE 3 B-elements are replaced by voltage-controlled
voltage or current source equivalents (E or G elements). B1 calculates
the magnetizing force in the inductor using the relationship

H =
∣∣∣∣0.4 π NI

lm

∣∣∣∣
where N is the number of turns, I is the current through the element
(measured by V1), and lm is the magnetic path length of the core. Be-
cause H is a real value, its absolute value is used. B2 calculates the
percent permeability using the equation defined above. B3 calculates
the voltage across the element, divided by the percent permeability.

G1 integrates the value of BS3 and presents it to G2, which forces a
current flow through the element. With the values of G1 and G2 both
established as 1, the current through the element is

I = 1
C × %U

∫
Vdt

G2
1

V1

G1

B1 B2

3

4 7

2

8

5 6

B2 V(6)=(1.77*E^ -
(.012*V(5)))-(0.77*E-
(0.031*V(5)))+.01) 

B1 V(5)=ABS(1.256*21*I(V1)/4.11)

Figure 2.28 Schematic of the SPICE 3 core model. V(6) = % Permeability, V(5) = H.
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Because this is in the desired form, we can solve for all of the
variables.

Example 1—MPP core

Using the permeability versus DC bias data provided by Magnetics R©,
multiple iterations and curve-fitting techniques, a closed form solution
for the 60u material was found to be approximated by

%Ui = 1.77e−.021H − 0.77e−.031H

where Ui is the initial inductance of the core and H is the magnetizing
force in oersteds.

C = L =
(

N
1000

)2

AL

where AL is the inductance reference of the core.

B1 =
∣∣∣∣0.4µ NI (VI)

lm

∣∣∣∣
B2 = 1.77e−.012V(B1) − 0.77e−.031V(B1) + 0.02

B3 = V
(
3, 4

)
V (B2)

R2 = 1
2π feddyC

The following circuit uses the above derivation to model a Magnetics R©

55121 MPP core with 21 turns. The constants given in the data book
for the 55121 core provide the following values: AL=35 mH, lm=4.11
cm, core weight=0.015 lb, feddy= 7 MHz, and Ui=60. We can calculate
the components of the model as

C =
(

21
1000

)2

× 35 mH = 15.4 µF

B1 =
∣∣∣∣∣0.4 π

(
21

)
I (V1)

4.11

∣∣∣∣∣
R1 = 1

2 π
(
7 MHz

) (
15.4 µF

) = 0.0015

The SPICE netlist is provided later (Fig. 2.29). Note that R1 represents
the winding’s DC resistance. The test circuit sweeps the current
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MPP: MODELING A MAGNETICS®55121 MPP CORE
* PSpice version
.DC I1 .1 100 .10
.AC DEC 20 100HZ 10MEGHZ
.PROBE
.PRINT AC  V(4)  VP(4) 
* Node 4 Impedance
.PRINT DC  V(6)  V(5) 
* Node 6 = H, Node 5 = % Permeability
G2 3 1 9 0 1
V1 1 0 
G1 0 9 2 1 1
C1 9 8 15.4U
R2 8 0 1.5M
E1 5 0 Value = { ABS(1.256*21*I(V1)/4.11) }
E2 6 0 Value = { (1.77*Exp(-(.012*V(5))))-(.77*Exp(-(.031*V(5))))+.01 }
E3 2 0 Value = { V(3,1)/V(6) }
I1 0 4 AC 1
R1 4 3 .04
RT4 4 0 1G
RT3 3 0 1G
RT9 9 0 1G
.END 

Figure 2.29 Netlist for a 55121 MPP core.

through the “core” while the percent permeability and magnetizing
force are monitored and displayed in Fig. 2.30. Actual data points are
plotted as dots, while the calculated results are plotted using line style.
An AC impedance plot is also performed (Fig. 2.31). Calculating the
inductance from the impedance curve yields

L = 1
2 π

(
10.19 kHz

) = 15.6 µ H, which agrees with the expected

15.4 µH.
The percent permeability versus magnetizing force curve was inte-

grated and multiplied by the initial permeability [59]. The resulting
graph is the DC B-H curve shown in Fig. 2.32. The curve shows a max-
imum flux density of approximately 7500 G, which agrees with the
specified value of 7000 G.

Ferrite Cores

The same principles apply to ferrite cores as well as MPP cores. In
this example, a model is generated for ferrite “F” material. Again,
trial-and-error and curve-fitting techniques may be used in order to
obtain a closed-form expression of percent permeability versus magne-
tizing force. Graphical data are provided in the Magnetics Ferrite Data
Book.
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Figure 2.32 DC B-H curve.

Although the MPP model is represented using exponential functions,
the ferrite model is much more accurately represented via a power func-
tion. The resulting expression for ferrite “F” material is

%U = 1.149 × 1.09H−1.1376

1.05 + 1.094H−1.1376

The result of the %U calculation was multiplied by the initial perme-
ability (3000) in order to obtain the same terms as those contained in
the Ferrite Data Book.

The graph below shows the actual permeability versus magnetizing
force. Actual data points are plotted as dots, while the calculated results
are plotted using line style (Fig. 2.33).

Example 2—Ferrite core

As an example, a model was created for an F2213 pot core with 1 turn.
The data sheet parameters for the F2213 pot core defines the values
as follows: AL=4900 mH, lm=3.12 cm, Ui= 3000, and feddy=1 MHz. The
schematic in Fig. 2.34 shows the circuit model for the core.

The basic structure of the model is very similar to that of the MPP
core model. The major differences lie in the definition of the nonlin-
ear B2 and the fact that the core loss is shown as a parallel resistor
rather than a series resistor. Also, note that a resistor is not added to
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Figure 2.33 Permeability versus magnetizing force.
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Figure 2.34 Schematic for the F2213 pot core. V(6) = %Permeability, V(5) = H.
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represent DC resistance (DCR), because it would be a property of the
winding.

B1 =
∣∣∣∣∣0.4 π

(
1
)

I (V1)
3.12

∣∣∣∣∣ = 0.4026I (V1)

C1 =
(

1
1000

)2

× 4900 mH = 4.9 µF

B3 = V
(
3, 4

)
V (B2)

B2 = 1.149 × 1.094V (B1)−1.1376

1.05 + 1.094V(B1)−1.1376

R1 = 2π feddyC1 = 30.77 �

A test circuit is required in order to generate the B-H loop curve.
A pulse source is used to excite the core through a limiting resis-
tor. The flux level and magnetizing force, H, must be measured. To
measure the flux level, we can use the following form of Maxwell’s
equation:

Flux = Vt × 108

AcN

where Ac is the core area in cm2and N is the number of turns.
If we use a voltage-controlled current source with a gain of 1, we can

charge a 1-F capacitor and scale the capacitor voltage by a factor of

108

AcN
.

The core area is given in the data sheet as 0.635 cm2, which calculates
to a scaling factor of 157.5 × 106. We could use the magnetizing force
that was calculated by B1, but we took its absolute value. We will use a
current-controlled voltage source to measure the excitation current be-
cause we can define the scaling factor as 0.4 π

3.12 I = 0.403I. The completed
model, including the test circuit, is shown in Fig. 2.35.

The circuit was simulated and an X-Y plot was created. The results
are shown in Fig. 2.36. The curve agrees with the Magnetics B-H loop
data. The pulse voltage waveform and the core voltage waveform are
also shown.
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B1V=ABS(1.256*I(V1))/3.12
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MAGF: TEST CIRCUIT TO GENERATE THE B-H LOOP CURVE
∗PSpice version
.TRAN .1U 500U 450U .1U UIC
.PROBE
∗I(V2)=IMAG
∗V(10)=FLUX
∗V(8)=H
∗V(3)=VCORE
∗V(4)=PULSE

.PRINT TRAN V(4) I(V2) V(10) V(8)
V1 1 0
G1 0 9 2 1 1
C1 9 0 4.9U IC=0
E1 5 0 Value={ ABS(1.256∗I(V1))/3.12 }
E2 6 0 Value={ (1.149∗(V(5)ˆ-1.1376))/((1.094∗(V(5)ˆ-1.1376))+1.05) }
E3 2 0 Value={ V(3,1)/(V(6)+.001) }
Vin 4 0 PULSE -20 20 10N 10N 10N 25U 50U
R3 3 0 30.77
R4 4 3 1
G3 0 10 3 0 157.5MEG
C2 10 0 1 IC=0
R5 10 0 10MEG
H1 8 0 V2 -.403
G2 3 1 9 0 1
RT9 9 0 1G
.END
Figure 2.35 Schematic test circuit and net list for the F2213 pot core.
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Figure 2.36 B-H loop for the F2213 pot core (top) and pulse waveform response (bottom).

Constructing a Transformer

As a final exercise in this chapter, we will combine the core model which
we just completed, along with the turns subcircuit, and model a two-
winding transformer.

To make a transformer model that more closely represents the phys-
ical processes, it is necessary to construct an ideal transformer and
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Leakage
Inductance 

Saturable 
Core Ideal 

Transformer

Series 
Resistance 

Figure 2.37 A complete transformer model. The saturable core may be com-
bined with the ideal transformer, XFMR, and some leakage inductance and
series resistance to create a complete model of a transformer.

model the magnetizing and leakage inductances separately. The ideal
transformer was discussed previously in this chapter. It has a unity
coupling coefficient and infinite magnetizing inductance.

The magnetizing inductance is added by placing the saturable reactor
model (suitably scaled) across any one of the windings. Coupling coeffi-
cients are inserted in the model by adding the series leakage inductance
for each winding as shown in Fig. 2.37.

The leakage inductances are measured by finding the short-circuit
input inductance at each winding and then solving for the individual in-
ductance. These leakage inductances are independent of the core char-
acteristics, as shown in reference [102]. The final model, incorporating
the saturable core model and an ideal transformer subcircuit, along
with the leakage inductance and winding resistance, is shown in Fig.
2.37.

PSpice models cannot represent all possible behavior because of the
limits of computer memory and run time. This model, as most simula-
tions, does not represent all cases.

Modeling the core as a single element referred to one of the wind-
ings works in most cases; however, some applications may experience
saturation in a small region of the core, causing some windings to be
decoupled faster than others, invalidating the model. Another limita-
tion of this model is for topologies with magnetic shunts or multiple
cores. Applications like this can frequently be solved by replacing the
single magnetic structure with an equivalent structure using several
transformers, each using the model presented here.

Another example is shown in Fig. 2.38. The SPICE 3 core model re-
mains unchanged. We have simply added two transformer (turns) sub-
circuits. The primary winding has 10 turns, and the secondary has 20
turns. The secondary of the turns subcircuit is always 1 turn, which is
the reason that we developed the core with 1 turn. The circuit was stim-
ulated with a 10-V peak 20-kHz square-wave voltage applied through
a 1-� series resistor, and also with a 50-V peak 25-kHz square-wave
voltage.
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B2 V=(1.149*(V(5)^-1.1376))/
((1.094*(V(5)^-1.1376))+1.05)

B1 V=ABS(1.256*I(V1))/3.12 

EX5: MODEL FOR A TWO-WINDING TRANSFORMER
∗PSpice version
.AC DEC 20 100HZ 10MEGHZ
.TRAN .1U 500U 450U UIC
∗V(9)=OUTPUT
∗™(3)=CORE
∗V(8)=INPUT
∗V(5)=H
.PRINT AC V(9) VP(9) V(3) VP(3)
.PRINT AC V(8) VP(8)
.PRINT TRAN V(9) V(3) V(8) V(5)
V1 1 0
G2 0 4 2 1 1
C1 4 0 4.9U IC=0
E1 5 0 Value = { ABS(1.256∗I(V1))/3.12 }
E2 6 0 Value = { (1.149*(V(5)ˆ-1.1376))/((1.094∗(V(5)ˆ-1.1376))+1.05) }
E3 2 0 Value = { V(3,1)/(V(6)+.001) }
R1 3 0 30.7700
X1 7 0 3 0 TURNS Params: NUM=10
X2 9 0 3 0 TURNS Params: NUM=20
∗Turns is similar to XFMR except Ratio = 1/Num
V2 8 0 AC 1 PULSE -50 50 1N 1N 1N 25U 50U
R2 8 7 1
G1 3 1 4 0 1
RT4 4 0 1G
.END
Figure 2.38 Schematic and netlist for the two-winding transformer test circuit.
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Figure 2.39 Input and output voltages for the complete transformer circuit (top), transient
core saturation characteristics (bottom).

The input and output voltage of the transformer are shown in Fig.
2.39. Note that the output voltage agrees with the turns ratio, for
it is twice the level of the input voltage. The second plot illustrates
the core saturation characteristics, which are represented by the B-H
loop.
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High-Frequency Winding Effects

Winding resistance can be modeled by adding a series resistance to
each winding as shown in Fig. 2.40. At low frequencies Rw is simply the
DC resistance of the winding. At the higher frequencies more common
in power conversion, however, the winding resistance is more complex
because of the presence of skine and proximity effects within the
windings.

There are several reasons for wanting to correctly model the winding
resistance:

� Reproduce the winding loss.
� Reproduce the effect of winding resistance on voltage drop within and

cross-regulation between windings.
� Reproduce the damping effect that the winding resistance will have

on parasitic ringing.

To achieve these goals, it is necessary to determine the effective resis-
tance, including the high-frequency effects.

Procedures for estimating winding resistance are well known and
can be used to establish model parameters. A typical graph of winding
resistance versus frequency for windings with different numbers
of layers is given in Fig. 2.41. The graph is normalized for a 1-�
DC resistance and a frequency where the layer thickness is 1 skin
depth (δ):

δCU = 0.661√
πµσ fs

m

The current waveform in the winding is assumed to be a sine wave.
The key feature of the graph is the rapid increase in resistance above
a corner frequency that is determined by the number of layers. The
winding resistance is frequency dependent and the change in resistance
can be quite large.

L

Rw

N1

Figure 2.40 Winding resistance model.
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Figure 2.41 HF winding resistance, normalized to 1 � (Rdc) at frequency
where the layer is 1 skin depth thick.

The winding resistance is also dependent upon the shape of the cur-
rent waveform. Figure 2.42 is an example of a three-layer winding with
a symmetrical bipolar PWM current waveform. Note that all square
wave duty cycles produce a result greater than a sine wave, which is
also plotted for comparison. This is due to the harmonic content of the
waveform. Also note that as the duty cycle (D) is varied from a square
wave (D = 0.5) to a smaller duty cycle, the winding resistance first de-
creases and then increases as it becomes quite large at low duty cycle
values. This seemingly bizarre behavior is due to the changing harmonic
spectrum as the duty cycle is modulated.
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Figure 2.42 Fr for a bipolar PWM current (m=3).
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Figure 2.43 A resistance that varies with frequency can be simulated
with a network of linear components.

In a typical high-frequency power converter, the winding resistances
will vary as a function of frequency, modulation, load distribution be-
tween the windings, and temperature. In general, it is not practical
or necessary to model all of these effects, but there are some useful
approximations.

If winding loss is the most important concern, then the winding re-
sistance can be represented by a simple series resistor in each winding,
the values of which are chosen to represent the effective AC resistance
at the highest loss condition of load, duty cycle, and temperature. This
choice will overstate the loss at other conditions, but it is usually prefer-
able to understatement under the worst-case conditions.

It is possible to approximate a frequency variable resistor with a net-
work of linear components, as shown in Fig. 2.43. At low frequencies,
the inductor is essentially a short circuit and R = R1. At high frequen-
cies, the inductor is an open circuit and R = R1 + R2. The change in
resistance follows the single-pole asymptotic approximation, which is
shown in the graph in Fig. 2.43. The equations for the real and imag-
inary components of the network driving point impedance (z) are also
given.

A graph of the real part of z is given in Fig. 2.44 for different resistance
ratios. For a suitable choice of f0 and k, the change of resistance can be
modeled over a substantial frequency range.

There is, however, an important limitation associated with this net-
work. The ratio of the real and imaginary parts of z is plotted as a graph
in Fig. 2.45.

Because of the presence of the inductor in the network, there will be
some inductive reactance. As shown by the graph, this peaks between
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Figure 2.44 Graph of Re[z] for different resistance ratios.

the upper and lower resistive break points. For small resistance
ratios, the inductive reactance is relatively small, but as the ratio gets
larger, the inductance becomes significant and this simple network is no
longer just a variable frequency resistor but is also a variable frequency
inductor. This may not be a problem if a series inductor is being used to
simulate the leakage inductance of the winding. If the leakage induc-
tance is large enough, it may mask the network inductance sufficiently
so that its effect can be ignored.

Figure 2.45 Graph of Im[z]/Re[z] for different resistance ratios.
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Rdc
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L1 L2 Ln

Rac

Rdc

Frequency

Rdc+R2+Rn

Rdc+R1+R2+..+Rn

Rdc+R1

Figure 2.46 High-frequency resistance model using a multielement network.

In cases where it is necessary to model a frequency-dependent re-
sistor but the inductance must be kept small, it is possible to use a
multielement network as shown in Fig. 2.46. If each of the resistance
steps is kept small, then it is possible to approximate the resistance
quite accurately over a wide range of frequencies while still introduc-
ing only a small inductive reactance.



Chapter

3
EMI Filter Design

Nearly all power circuits contain an input electromagnetic interference
(EMI) filter. The main purpose of the EMI filter is to limit the inter-
ference that is conducted or radiated from the power circuit. Excessive
conducted or radiated interference can cause erratic behavior in other
systems that are in close proximity of, or that share an input source
with, the power circuit. If this interference affects the power circuit, it
can cause erratic operation, excessive ripple, or degraded regulation,
which can lead to system level problems. Input EMI filters may also
be used to limit inrush current, reduce conducted susceptibility, and
suppress spikes. The specifications for the allowable interference are
generally driven by the power circuit specification. The most common
specifications include MIL-STD-461 for military applications and FCC
for commercial applications. Many other EMI specifications also exist.

This chapter will deal with the design and analysis of EMI filters
that will reduce conducted interference and conducted susceptibility
and limit inrush current. The design of the input filter is slightly more
critical when the power circuit is a regulated switching circuit, rather
than a linear circuit, because a negative input resistance is created by
the regulated switching circuit.

Although it is possible to simulate the radiated interference of a
power circuit, it is beyond the scope of this book.

Basic Requirements

The design of an input EMI filter begins with the definition of two basic
requirements:

� The filter must provide the power converter with lower output impe-
dance than the negative input resistance of the power circuit.
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� The input filter attenuation must be sufficient to limit the resulting
interference to a level that is below the imposed specification.

The following flowchart provides a step-by-step approach that may be
used to design an input filter.

EMI filter design flowchart

Define
Impedance

YES

YES

YES

NO

Attenuation
Defined?

Harmonic
Content
Known

NO
Waveform
Known?

Estimate
Waveform

Calculate Fourier
components

Calculate
Attenuation

Calculate
component
Values

Defining the Negative Resistance

The negative resistance of the power circuit can be defined by looking
at the following conditions

Pin = Pout

efficiency

Iin = Pin

Vin

Rin = Vin

Iin
= V2

in

Pin
= V2

in
∗efficiency

Pout
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The input resistance is negative because as the input voltage in-
creases, the input current decreases. As a simple example, we can use
PSpice to analyze the input resistance of the power circuit. PSpice can
analyze the input resistance in a number of ways. The simplest method
is the transfer function (.TF) analysis, which calculates the DC gain
and the small signal input and output impedance. The following exam-
ple uses the PSpice.TF analysis to measure the input resistance of a
switching power circuit.

Example 1—Input resistance analysis

Input File
RIN: INPUT RESISTANCE
.TF V(5) V1
V1 5 0 20
G1 5 0 Value = { 100/V(5) }
.END

Output File
RIN: INPUT RESISTANCE
.TF V(5) V1
V1 5 0 20
G1 5 0 Value = { 100/V(5) }
.END

.END
∗∗∗SMALL-SIGNAL CHARACTERISTICS

V(5)/V1 = 1.000E+00

INPUT RESISTANCE AT V1 = −4.004E+00

OUTPUT RESISTANCE AT V(5) = 0.000E+00

The G1 source simulates a power circuit, which has an input power of
100 W. V1 applies 20 VDC to the power circuit, and the .TF measures
the input impedance at node 5 and the output impedance at V1. The
results are placed in the output file. Note that PSpice calculated the
input impedance as a negative resistance of 4 �, which is in agreement
with the above derivation.

Defining the Harmonic Content

The next step in designing an input EMI filter is to determine the har-
monic content of the power circuit input current. If the input current
waveform is known, a Fourier analysis can be performed in order to es-
tablish the harmonic content of the waveform; however, even if the exact
waveform is not known, we can estimate the waveform with reasonable
accuracy. The design can be optimized later, if necessary.

Consider the pulsating waveform in Fig. 3.1. With a peak amplitude
of 1 and a base amplitude of 0, we can compute the Fourier series of
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Input Current 
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Duty Cycle = t/T 

Figure 3.1 Pulsating waveform used in the Fourier series computation.

harmonic n as follows:

An = 2
T

t∫
0

sin(nt)

Bn = 2
T

t∫
0

cos(nt)

Cn =
√

A2
n + B2

n

If we assume that the input ripple current is pulsating and if we
know the duty cycle, we can proceed to the Fourier analysis. If the
duty cycle is not known, we will assume a value of 50%. This assump-
tion is the worst case, because the Fourier analysis of a pulsed wave-
form has a maxima at a value of 50%. In the next example, we will
use SPICE to calculate the Fourier coefficients of a 50% duty cycle
pulse.

Example 2—.FOUR analysis

The following example demonstrates the use of the .FOUR analysis. V1
is a pulsed voltage source, which has a 50% duty cycle and a 100-kHz
frequency. The .FOUR statement calculates the magnitude and phase
of the DC value and the first nine harmonics. The result is placed in
the output file as shown below.

EX2: DEMONSTRATING THE USE OF THE .FOUR ANALYSIS
.OPTIONS NUMDGT=3
.TRAN .01U 20U
.FOUR 100KHZ V(1)
V1 1 0 PULSE 0 1 0 0 0 5U 10U
.END



EMI Filter Design 67

FOURIER COMPONENTS OF TRANSIENT RESPONSE V(1)

DC COMPONENT = 5.010000E-01

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED
NO (Hz) COMPONENT COMPONENT (DEG) PHASE(DEG)
1 1.000E+05 6.366E-01 1.000E+00 -3.600E-01 0.000E+00
2 2.000E+05 2.000E-03 3.142E-03 8.928E+01 9.000E+01
3 3.000E+05 2.122E-01 3.333E-01 -1.080E+00 4.088E-09
4 4.000E+05 2.000E-03 3.142E-03 8.856E+01 9.000E+01
5 5.000E+05 1.273E-01 2.000E-01 -1.800E+00 2.044E-08
6 6.000E+05 2.000E-03 3.142E-03 8.784E+01 9.000E+01
7 7.000E+05 9.093E-02 1.428E-01 -2.520E+00 5.723E-08
8 8.000E+05 2.000E-03 3.142E-03 8.712E+01 9.000E+01
9 9.000E+05 7.072E-02 1.111E-01 -3.240E+00 1.226E-07

TOTAL HARMONIC DISTORTION = 4.288115E+01 PERCENT

As you can see from the output file, the fundamental harmonic has
a peak value that is 63.6% of the peak pulse amplitude. Although this
does provide the required information, it is far from elegant. A better
solution is to calculate the harmonics in Probe. The resulting plot is
shown in Fig. 3.2.

This is the worst case for a pulsed waveform and could be conserva-
tively used for the design of the input filter.

Example 3—Using the .STEP command to calculate harmonics

The next example uses the PSpice .STEP command to sweep the duty
cycle from 5% to 95% and look at the fundamental amplitude of the
resulting square wave. As in the previous example, V1 is a pulsed

           Frequency

0Hz 0.5MHz 1.0MHz 1.5MHz 2.0MHz 2.5MHz 3.0MHz 3.5MHz 4.0MHz 4.5MHz 5.0MHz
V(1)

0V

400mV

800mV

SEL>>

           Time

0s 2us 4us 6us 8us 10us 12us 14us 16us 18us 20us
V(1)

0V

0.5V

1.0V

Figure 3.2 The FFT feature of the Probe graphical waveform postprocessor is used to
calculate the harmonics of a square waveform.
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           Frequency

0Hz 40KHz 80KHz 120KHz 160KHz 200KHz 240KHz 280KHz 320KHz 360KHz 400KHz 440KHz
... V(1)-V(0)

0V

0.2V

0.4V

0.6V

0.8V

1.0V

Figure 3.3 FFT of the .STEP analysis. The waveform with the largest amplitude at 100
kHz corresponds to the 50% duty cycle (TON= 5 µs).

voltage source. In this case, the pulse has an initial amplitude of
1 V and switches to 0 V after delay “TON.” “TON” is swept from 0.5 to
9.5 µs in 0.5-µs steps.

When the simulation is finished, you can use Probe to display the
X-Y data, or you may view the output file in a text editor. You will
have a graph of the fundamental harmonic versus “TON.” This confirms
the previous statement that the 50% duty cycle was the maxima and
provides a reference you may find helpful in the future.

X3: .STEP ANALYSIS
.PROBE
.PARAM TON=0.5u
.STEP PARAM TON 0.5u 9.5u 0.5u
.TRAN .1U 10U
.PRINT TRAN V(1)
V1 1 0 PULSE 1 0 {TON}
.END

The FFT results of the .STEP analysis are shown in the graphs of
Figs. 3.3 and 3.4.

Example 4 – EMI filter design

In order to design the EMI filter, we need to define a converter that
will operate with it. For the purpose of this example, let us assume that
we have a power converter that will operate with an input voltage of
18 to 32 V DC. The converter output power will be 75 W and will have
an operating efficiency of 75%. The converter will have a switching
frequency of 100 kHz. The conducted emissions requirement allows the
1-mA peak to be reflected back to the input lines. A second-order filter
will be used.
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Figure 3.4 .STEP analysis result shows the 50% duty cycle as the maxima.

Let us follow the procedures that were defined in the EMI design
flowchart. Step 1 is to calculate the input impedance.

Calculating the input impedance. The input impedance was defined ear-
lier in this chapter as

V2
in

∗efficiency
Pout

It is obvious that the lowest impedance will occur at the minimum input
voltage. This value can be calculated as

182 × 0.75
75

= 3.24 �

Calculating the harmonic content. Because no detail is provided regard-
ing the pulse current waveforms, we will assume that the duty cycle is
50%. The average input current is

Iavg = Pout

Vin∗efficiency
= 75

18 × 0.75
= 5.56A

At a duty cycle of 50%, the peak amplitude will be 11.12 A. In the
previous harmonic analysis, we defined the fundamental harmonic to
be 0.636Ipk=7.08 A.
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Calculating the required attenuation. With a maximum reflected ripple
current of 1-mA peak, we can define the attenuation required as

Attenuation = 7.08
0.001

= 7080 = 77 dB

Calculating the component values. The attenuation for a second-order
filter can be defined as

Attenuation =
(

fswitch

ffilter

)2

We can compute the filter frequency as

100 kHz√
Attenuation

= 100 kHz
84.14

= 1188 Hz.

The values of L and C can be defined by setting their impedances to
the input converter input impedance at the filter resonant frequency,
as defined above.

C = 1
2π

(
1188

) (
3.24

) = 41.35 µF

L = 3.24
2π

(
1188

)434 µH

Note that the characteristic impedance of the filter is defined by

Zo =
√

L
C

=
√

434 µH
41.35 µF

= 3.24 �

which is equal to the converter input impedance. In an actual design,
it is a good practice to provide a 6-dB margin for these characteristics.

Damping Elements

While this filter provides the proper impedance matching and the re-
quired attenuation, the impedance will be quite high at the resonant
frequency of the filter. The only damping elements in the circuit are the
DC resistance (DCR) of the inductor and the equivalent series resis-
tance (ESR) of the capacitor (which we have not defined). It is normally
necessary to provide damping of the L-C filter in order to restrict the
impedance of the filter at the resonant frequency. A shunt series R-C
network is used for this purpose. The value of the damping capacitor
is generally 3 to 5 times greater than that of the filter capacitor, and
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C1
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C2
CDAMP I1

AC

V(1)

R1
RDAMP

1

2

           Frequency

100Hz 300Hz 1.0KHz 3.0KHz 10KHz 30KHz 100KHz 300KHz 1.0MHz
V(1)

0V
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2.0V

3.0V

4.0V

Figure 3.5 Schematic of the test circuit used to measure the impedance of the filter. The
waveform V(1) is equivalent to the impedance because the input is a current (I1 1 0 AC
1). The case for CDAMP = 120µ and RDAMP = 1.6 is shown.

the value of the damping resistor is generally close to the characteristic
impedance of the filter. The PSpice .Step command is ideal for defining
these elements.

The following circuit is designed to measure the impedance of the fil-
ter, while sweeping the damping capacitor from 120 to 200 µF in 40-µF
increments. For each value of the damping capacitor, the damping re-
sistor will be swept from 0.5 to 2 times the characteristic impedance
(1.6 to 6.4 �) in 0.6-� increments. The PSpice listing and schematic of
the test circuit (Fig. 3.5) are shown below.

The results are shown below.

EX4: TO MEASURE THE IMPEDANCE OF A FILTER
.AC DEC 10 100HZ 1MEGHZ
.PARAM CDAMP=120u
.PARAM RDAMP=1.6
.STEP PARAM CDAMP 120U 200U 40U
.STEP PARAM RDAMP 1.6 6.4 .6
.PROBE
C1 1 0 41.35U
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C2 1 2 {CDAMP}
R1 2 0 {RDAMP}
I1 0 1 AC 1
L1 0 1 434U
.END

The results are provided in the output file and are shown below.

Sweep Analysis of EX4.ckt

Count CDAMPRDAMPMaximum
1 1.20000e-004 1.60000e+000 3.891
2 1.20000e-004 2.20000e+000 3.440
3 1.20000e-004 2.80000e+000 3.557
4 1.20000e-004 3.40000e+000 3.916
5 1.20000e-004 4.00000e+000 4.395
6 1.20000e-004 4.60000e+000 4.840
7 1.20000e-004 5.20000e+000 5.248
8 1.20000e-004 5.80000e+000 5.619
9 1.20000e-004 6.40000e+000 6.104
10 1.60000e-004 1.60000e+000 2.994
11 1.60000e-004 2.20000e+000 2.869
12 1.60000e-004 2.80000e+000 3.153
13 1.60000e-004 3.40000e+000 3.672
14 1.60000e-004 4.00000e+000 4.161
15 1.60000e-004 4.60000e+000 4.614
16 1.60000e-004 5.20000e+000 5.033
17 1.60000e-004 5.80000e+000 5.580
18 1.60000e-004 6.40000e+000 6.121
19 2.00000e-004 1.60000e+000 2.489
20 2.00000e-004 2.20000e+000 2.593
21 2.00000e-004 2.80000e+000 3.024
22 2.00000e-004 3.40000e+000 3.547
23 2.00000e-004 4.00000e+000 4.038
24 2.00000e-004 4.60000e+000 4.494
25 2.00000e-004 5.20000e+000 5.040
26 2.00000e-004 5.80000e+000 5.591
27 2.00000e-004 6.40000e+000 6.137

The impedance was exceeded with the 120-µF damping capacitor
(Fig. 3.6). If we use a 160-µF capacitor, the impedance will be minimized
with a 2.2-� damping resistor. A lower impedance could be achieved
with a 200-µF damping capacitor and a 1.6-� damping resistor. We
will select the 160-µF capacitor and the 2.2-� resistor.

The following simulation shows the impedance characteristics and
the reflected ripple of the filter (see also Figs. 3.7 and 3.8).

EMI2: TO SHOW THE REFLECTED RIPPLE OF THE FILTER
.AC DEC 10 100HZ 100KHZ
.TRAN 1U 10M 9980U .1u UIC
.PROBE
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Figure 3.6 Family of curves showing the maximum impedance versus the damping resis-
tor value. Each curve represents a different capacitor value.

C1 2 0 41.35U
C2 2 1 160U
R1 1 0 2.2
I1 0 2 AC 1 PULSE 0 11 0.1U 0.1U 0.1U 5U 10U
L1 0 2 434U IC=-5.5
.END

L1
434U

C1
41.35U

C2
160U

R1
2.2

I1
AC

V(2)

I(V1)
L1[I]4

2

1

Figure 3.7 Circuit used to show the impedance and the reflected ripple of the filter.
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Figure 3.8 Current in the inductor (a) due to a current pulse input, and
impedance characteristics over frequency (b) for the filter circuit in Fig. 3.7.

Fourth-Order Filters

Because the physical size of power converters is continually shrinking,
higher order filters are being used more often than not. The filter is
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designed in much the same way as the second-order filter. The following
example demonstrates the design of a fourth-order filter using the same
design parameters as those that we used for the previous filter.

The “octave” rule basically states that resonances should be at least
an octave apart. In an effort to be conservative, let us use a factor of
2.5. The attenuation of the filter can be defined as

Attenuation =
(

fswitch

f1

)2

∗
(

fswitch

2.5 f1

)2

= f 4
switch

6.25 f 4
1

If we set the attenuation at 7080, as in the previous example, and
solve for f1 we obtain f1=6.895 kHz. The second pole is then at 2.5 f1 =
17.237 kHz.

The impedance of each section should be designed to be lower than the
impedance of the converter, which we had determined to be 3.24 � in
the previous example. The filter is loaded by the negative resistance of
the converter and produces a combined impedance of

Zloaded = Zin ∗ Zo

Zin + Zo

The loaded filter Q is defined as

Q = Zloaded

Zo

where Zo is the filter characteristic impedance defined by

Zo =
√

L
C

If we combine the above equations, we have

Q = Zin ∗ Zo

(Zin + Zo) Zo

Zo = −
(

Q − 1
Q

)
Zin

The filter Q is generally maintained below a value of 2. If we set Q = 2
and solve for Zo we obtain

Zo = −
(

2 − 1
2

) (−3.24
) = 1.62 �
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If we use this impedance and the calculated resonant frequencies, we
can define both inductors and both capacitors.

L1 = 1.62
2π

(
6895

) = 37 µH

C1 = 1
2π

(
6895

) (
1.62

) = 14 µF

L2 = 1.62
2π

(
17, 237

) = 15 µH

C2 = 1
2π

(
17, 237

) (
1.62

) = 5.7 µF

As shown in the previous example, we can use the .Step command to
sweep the values of the damping capacitor and the damping resistor. If
we use a range of 3 to 5 times the value of the real capacitor, we will
sweep the damper capacitor from 42 to 70 µF in steps of 14 µF. We will
sweep the damper resistor from one-half to twice the Zo of the filter,
i.e., from 0.8 to 3.2 � in 0.2-� steps.

The schematic for the fourth-order filter and its impedance response
are shown in Fig. 3.9.

Note that two 10-M� resistors have been added. To aid circuit con-
vergence, the resistors were added to the nodes that are purely reactive.
The circuit listing and output file are shown below. A sweep of the maxi-
mum impedance as a function of the damping resistor and the damping
capacitor was also performed. The results of the sweep are shown in
Fig. 3.10. Each curve is for a different value of damping capacitor.

4THORD: A 4TH ORDER FILTER
.AC DEC 10 100HZ 1MEGHZ
.PROBE
.PARAM CDAMP=42u
.PARAM RDAMP=0.8
.STEP PARAM CDAMP 42U 70U 14U
∗.STEP PARAMRDAMP .8 3.2 .2
.PRINT AC V(4) VP(4)
1 1 0 5.7U
C2 4 2 {CDAMP}
R1 2 0 {RDAMP}
I1 0 4 AC 1
L2 1 4 37U
C3 4 0 14U
R2 1 0 10MEG
R3 4 0 10MEG
L1 0 1 15U
.END
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L1 15U
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Figure 3.9 Fourth-order filter schematic and impedance response.

Count CDAMPRDAMPMaximum

1 4.20000e-005 8.00000e-001 2.507
2 4.20000e-005 1.00000e+000 2.215
3 4.20000e-005 1.20000e+000 2.027
4 4.20000e-005 1.40000e+000 2.024
5 4.20000e-005 1.60000e+000 2.083
6 4.20000e-005 1.80000e+000 2.133
7 4.20000e-005 2.00000e+000 2.285
8 4.20000e-005 2.20000e+000 2.458
9 4.20000e-005 2.40000e+000 2.627
10 4.20000e-005 2.60000e+000 2.791
11 4.20000e-005 2.80000e+000 2.950
12 4.20000e-005 3.00000e+000 3.103
13 5.60000e-005 8.00000e-001 1.799
14 5.60000e-005 1.00000e+000 1.716
15 5.60000e-005 1.20000e+000 1.659
16 5.60000e-005 1.40000e+000 1.727
17 5.60000e-005 1.60000e+000 1.820
18 5.60000e-005 1.80000e+000 1.979
19 5.60000e-005 2.00000e+000 2.158
20 5.60000e-005 2.20000e+000 2.334
21 5.60000e-005 2.40000e+000 2.505
22 5.60000e-005 2.60000e+000 2.670
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Figure 3.10 Family of curves showing the maximum impedance of the fourth-order filter.

23 5.60000e-005 2.80000e+000 2.830
24 5.60000e-005 3.00000e+000 2.985
25 7.00000e-005 8.00000e-001 1.512
26 7.00000e-005 1.00000e+000 1.448
27 7.00000e-005 1.20000e+000 1.461
28 7.00000e-005 1.40000e+000 1.582
29 7.00000e-005 1.60000e+000 1.728
30 7.00000e-005 1.80000e+000 1.913
31 7.00000e-005 2.00000e+000 2.093
32 7.00000e-005 2.20000e+000 2.269
33 7.00000e-005 2.40000e+000 2.440
34 7.00000e-005 2.60000e+000 2.606
35 7.00000e-005 2.80000e+000 2.767
36 7.00000e-005 3.00000e+000 2.922

As evident from the data, we could “squeak by” with the 56-µF
damper or conservatively use the 70-µF value. We will use 68 µF, which
is the nearest standard value to 70 µF. The damper resistance is opti-
mum at 1 �. Note: The 1-� value includes the ESR of the capacitor, so
select the resistor value less than the ESR value of the capacitor. The
results of our new filter simulation are shown in Fig. 3.11.

The attenuation is very close to the desired 77-dB limit, and the
impedance is well below the 3.24-� stability requirement. Notice the
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Figure 3.11 The filter attenuation using the optimized values for the damper section.

peaking of the undamped first stage of the filter. The .STEP analysis
may be used to determine optimum values for the damper section also,
if desired. We will use the same capacitor ratio as we had determined for
the second stage. This yields a damper capacitor value of approximately
33 µF, and we will use the same 1-� value for the damper resistor. While
we are at it, let us change the 5.7-µF capacitor to 6.8 µF in order to ob-
tain a standard value and to slightly improve the attenuation. Notice
that the peaking of the first stage has nearly been eliminated, and
the attenuation has been improved to meet the requirement of 77 dB
(Fig. 3.12).

Inrush Current

In many applications, the input voltage is applied as a step. This may
be the result of a switch or relay closure. The current that is drawn by
the filter during this application of power is referred to as the inrush
current. The inrush current may be of concern, because of stress or
fuse ratings. We can evaluate the inrush characteristics of our filter by
applying a step input from 0 V to the maximum input voltage (32 V in
our design) while monitoring the current that is drawn by our filter.

Note that we can use the same model for both the AC and transient
analyses. The results of the inrush current simulation are shown in Fig.
3.13. The inrush current has a peak value of 34 A. The output voltage
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Figure 3.12 The filter attenuation graph shows the elimination of the peaking in the first
stage after changes in the damper section.
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Figure 3.13 Schematic, netlist, and simulation results for the inrush current simulation.

of the filter is also displayed. When a 32-V step voltage was applied, the
filter output overshot to almost 48 V. This is an important consideration
for selecting and derating the components that are used in the switching
converter that follows the filter.

4THORD2.cir
.AC DEC 10 100 1meg
.TRAN 1u 500u
.PROBE
C2 1 2 68U
C3 1 0 14U
R1 2 0 1
R2 3 0 10MEG
R3 1 0 10MEG
L1 4 3 15U
L2 3 1 37U
I1 0 1 AC=1
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V1 4 0 PULSE 0 32
C1 3 0 6.8U
C4 3 5 33U
R4 5 0 1
.END

MPP Inductors

The previous example utilized ideal inductors. In real applications,
however, the inductors generally do not provide a constant inductance.
Rather, they tend to saturate as current is passed through them. One of
the more popular cores used in these applications is Magnetics

R©
MPP

style.
Using MPP cores for our EMI filter provides a more realistic model

than the ideal inductor model. The following simulations use a Magnet-
ics 55131 core with 29 turns for the 15-µH inductor and a Magnetics
55121 core with 36 turns for the 37-µH inductor (Fig. 3.14). DC resis-
tances are 0.035 � and 0.025 �, respectively. Note the third terminal
on the inductor symbol. The extra terminal is used to monitor the in-
stantaneous inductance value.

4THINRS3.cir
.PROBE
.AC DEC 10 100 1meg
.TRAN .1u 500u 0 .5u
C2 2 3 68U
C3 2 0 14U
R1 3 0 1
C4 1 7 33U
R2 1 0 10MEG
R3 2 0 10MEG
R4 7 0 1
I1 0 2 AC=1 ; DC=-4.5 used for Figure 3.16
X1 6 1 8 MP55131 Params: N=29 DCR=.035 IC=0
X2 1 2 9 MP55121 Params: N=36 DCR=.035 IC=0
V1 4 0 PULSE 0 32
V2 4 6
C1 1 0 6.8U
.END

This simulation also calculates the attenuation and impedance of the
filter without DC current using the AC analysis (Fig. 3.15).

If we add a DC current value of 4.5 A (100 W/22 V), we will see the data
for the filter as it operates under full load conditions. The inductance
of each MPP core can be monitored using markers as the simulation
progresses. The schematic will provide the values at the steady state
condition. If we view the inductance, we will see the value of inductance
during the inrush current.
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Figure 3.14 A more realistic simulation using MPP cores for EMI filter design. The in-
stantaneous inductance is shown for both MPP cores (top graph) and for the input current
and output voltage.

The first simulation in Fig. 3.14 showed the results of the simulation
without DC current. As you can see, the inrush current is considerably
higher than the value we expected in the first simulation. This is due
to the saturation of the inductors. The waveforms in Fig. 3.14 show the
inductance during the inrush current.

The input inductor is almost completely saturated by the inrush cur-
rent. The inductance value in the schematic is somewhat higher than
the design value.

The second simulation in Figs. 3.16 and 3.17 shows the results of the
simulation with a DC value of 4.5 A added to the current source I1.

The current is negative because of the direction of the current source.
The inductor values are almost identical to the design values. The in-
rush current analysis has not been performed, because it is unrealistic
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Figure 3.15 Simulation result of the attenuation without a DC current.

to have the 4.5-A current flowing when the converter is turned on.
The attenuation analysis was performed, and the results are shown in
Fig. 3.17.

The attenuation has been degraded by approximately 4 dB as a re-
sult of the DC current; however, it is still sufficient to meet the 77-dB
requirement.
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Figure 3.16 A realistic model using MPP cores with a 4.5-A steady state current.
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Figure 3.17 Effect of the DC current on the attenuation analysis.

The inrush current simulation is one of the most difficult simulations
to correlate with real hardware. This is generally due to the effects of
the source impedance of the test setup. Keep in mind that the power
supplies and cables have resistance and inductance. The SPICE model
must account for these elements, or they must absolutely be minimized.
With this in mind, it is certainly feasible to get good correlation with a
little care.

The example circuit in Fig. 3.18 was constructed for the purpose of
determining the accuracy of the model. The 28.8-µH input inductor is
constructed as 24 turns on a 58271 core, and the two 25.1-µH inductors
are constructed as 28 turns on two stacked 58291 cores. The results are
shown in Figs. 3.19 and 3.20. The inductance of these two inductors is
shown in Fig. 3.18. Note that the input inductor drops by more than
60% as a result of the inrush current.

emi inrush correlation.cir
.PROBE
.TRAN 10n 250u 0 50n
C2 10 11 3U
C3 9 2 1U
R1 11 0 4.99
R2 2 0 4.99
C4 9 0 1U
X1 9 7 3 MP58291 Params: N=28 DCR=.13 IC=0
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X2 7 10 6 MP58291 Params: N=28 DCR=.13 IC=0
X3 1 9 8 MP58271 Params: N=24 DCR=.1 IC=0
V1 4 1 DC=0
V2 4 0 PULSE 0 28 50u .1U .1U 100M 200M
C1 10 0 1U
.END

The correlation results are excellent despite the saturation of the input
inductor.

Inrush Current Limiting

Some circuits are sensitive to the level of inrush current. In order
to limit this current, two basic possibilities exist: the input inductors
can be oversized in order to prevent saturation, or an inrush limiting
scheme can be used.
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Figure 3.18 EMI filter constructed for inrush correlation. Inductance of the cores is shown
over time.
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Figure 3.19 Inrush measured result.
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Figure 3.20 Inrush simulated result.
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Figure 3.21 A filter design using a MOSFET inrush current limiter scheme.

Many schemes have been used as effective inrush current limiters.
Some of the more popular schemes are as follows:

� Add a relay or SCR across a current-limiting resistor. This allows the
filter capacitors to charge through a limiting resistor and then shorts
the resistor after the input capacitors are charged.
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� Solid-state devices such as MOSFETs can be used to limit the input
filter’s dv/dt in order to limit the current.

� Use resistors with a negative temperature coefficient. These devices
are commercially available and provide a limiting resistance at turn-
on. Once they are loaded, the resistors heat up and drastically reduce
in value.

As a final example, let us simulate an inrush current limiting scheme.
The following schematic shows the addition of a MOSFET inrush lim-
iter. The zener diode limits the gate voltage to 15 V, which is well below
the 20-V rating. If the zener were not present, the gate voltage would
charge to the input voltage and damage the MOSFET.

INRSHLMT.cir
.PROBE
.TRAN 1u 500u 0 .5u
C2 2 3 68U
C3 2 0 14U
R1 3 0 1
C4 1 7 33U
R2 1 0 10MEG
R3 2 0 10MEG
C6 5 10 .01U
R4 7 0 1
R6 6 5 100K
I1 0 2 AC=1
X1 6 1 8 MP55131 {N=29 DCR=.035 IC=0}
X2 1 2 9 MP55121{N=36 DCR=.035 IC=0}
V1 4 10 PULSE 0 32
V2 4 6
C1 1 0 6.8U
.END

The waveforms show the inrush current with the addition of the MOS-
FET limiter. Different values of R6 and C6 will produce different results;
however, this is adequate in order to demonstrate the concept. The se-
lected MOSFET has an Rdson that limits the power dissipation to an
acceptable value.

Other implementations of inrush current limiting use negative tem-
perature coefficient (NTC) thermistors designed specifically for this ap-
plication. Resistor inrush limiters, which are bypassed using an SCR or
a relay after the initial inrush, are also fairly common. In this case it is
important to assure that the load on the filter is not applied until after
the bypass device is enabled; otherwise, the input filter may not fully
charge, resulting in a second inrush when the bypass device is enabled.
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Chapter

4
Buck Topology Converters

Many power converters in use today are based on buck topologies. The
buck topology includes all converters that produce an output voltage
which is proportional to a controlled duty cycle. The switched voltage
is averaged by an L-C filter, which results in a DC voltage. Examples of
buck topologies include buck regulators, forward converters, and push-
pull converters.

Hysteretic Switching Regulator

The circuit shown in Fig. 4.1 is the simplest form of a buck regulator. The
circuit was popular in the 1970s because of its simplicity and extremely
low parts count. The 723 regulator IC operates as a comparator that
has a driver and a voltage reference. The circuit has many drawbacks,
such as variable frequency and poor dynamic control, because it is basi-
cally an uncompensated oscillator. The advent of high-technology pulse
width modulator control ICs has almost replaced this form of regulator.
Circuits such as this can still be found in many linear data books and
low-cost commercial products. The circuit does, however, demonstrate
the principles of switching regulators.

The input voltage is switched by Q1. The switched voltage is averaged
by L1 and C2. During the switch-off time, a current circulates through
D1. The averaged output is fed to the load resistor R6. Resistor R8
introduces the hysteresis (positive feedback) and causes the circuit to
oscillate. The switch voltage and output voltage waveforms are shown
in the graphs in Fig. 4.1.

HYSTREG: BUCK REGULATOR
.TRAN .1U 2500U 2400U UIC
.PROBE

91
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∗ V(10)=VOUT
∗ V(7)=VSWITCH
R1 2 10 10
R3 1 11 2.2K
R4 11 0 5.1K
C1 11 0 .1U IC=5
Q1 7 8 6 QSB1071A
R5 6 8 100
V1 6 0 PULSE 0 12
D1 0 7 DN5811
L1 7 10 500U IC=1
C2 10 16 10U IC=5
R6 10 0 5
R7 4 11 1K
R8 7 4 220K
R9 16 0 .1
X1 10 10 4 1 0 2 8 6 5 2 UA723
.END

Average (State Space) versus Switching
Level Transient Models

Switching circuit models typically fall into two major categories: aver-
age models and nonlinear transient switching models. Average models,
also known as state space models, represent the operation of switching
circuits via linear techniques, as opposed to switching techniques. All
linear circuits fall into the category of average models. There are a
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Figure 4.1 The simplest form of a buck regulator circuit.
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number of citations in the References section that discuss the usage of
average models in detail.

Transient models represent switching circuits in the time domain, in
a manner as close to actual functionality as possible. It may seem desir-
able to simulate all circuits using transient models; however, transient
models simulate much more slowly than their averaged model coun-
terparts. Many characteristics, such as open-loop gain, are difficult to
simulate using transient models. Both types of models are included in
this book and both may be used in the transient analyses for different
purposes. You will quickly learn to determine which modeling technique
you should apply to a specific problem.

The previous example uses transient simulation, which simulates
the actual time-dependent functions of the circuit, such as the turn-
on and turn-off of the semiconductor switch. There are many benefits
of using this modeling approach. The model is very accurate; it dis-
plays phenomena such as switching spikes, propagation delays, and
ripple and sampling effects; and it allows testing of different control ICs.
There are also disadvantages of the nonlinear approach. Simulations
tend to take much longer, although with the ever-increasing computer
power available on the desktop, simulations that were impractical only
a few years ago can now be run in a matter of minutes. There are some
techniques that are available to speed up the simulation. They are listed
in Chap. 9. More importantly, however, AC analysis is not possible be-
cause switching devices are either in their on or off state. To simulate
such a circuit, the switching action must be averaged so that a small
signal model can be generated.

Average modeling is reasonably accurate and extremely fast and sup-
ports AC as well as some transient analyses. The average models are
therefore useful for simulations such as conducted susceptibility, open-
loop phase gain, output impedance, and input impedance. The major
drawback is that time domain information, such as ripple, spikes, gate
charge, and instantaneous switching loss, is not available.

The generalized solution is to use the correct model depending on the
behavior you want to investigate. Table 4.1 provides some assistance.
Both models may be used during the development of a product and
the ensuing worst-case tolerance analysis. Examples of both methods
are shown in this chapter.

Average Modeling Example

As an example of average modeling, let us consider a simple buck reg-
ulator circuit. In order to keep the example simple, we will assume
that we are using voltage mode control. Voltage mode control was pop-
ular when pulse width modulator ICs, such as the SG1524, were first
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TABLE 4.1 Simulation Strategies for Some Typical Power Supply Analysis [8]

Type of analysis Strategy

Power stage semiconductor
stress analysis at startup

Transient Models – Accelerate startup by reducing
soft-start time constant, if applicable. Use average
model transient results as a road map.

Power stage semiconductor
stress analysis at steady
state

Transient Models – Initialize close to steady state
average DC results. Only initialize largest time
constants like output filter L and C, or compensation
capacitors.

Power stage stress analysis
with short-circuited
output

Transient Models – Initialize circuit, then dynamically
short output with voltage-controlled switch.

Line or load transient
response

Average Models – Disable UVLO for correct DC results.
Do not initialize circuit. Allow natural DC solution,
then run transient analysis using source or switch to
cause line or load transient.

Magnetic saturation, short
circuit condition

Transient Models – Initialize circuit for steady state,
then short output with a switch.

AC loop stability analysis Average Models – Allow natural DC solution. Do not
use initial conditions. Split feedback loop using a
large inductor (blocks AC), then couple AC source
signal to input side with a large capacitor.

Input noise filter
design – Ripple current
measurement

Average or Transient Models – Drive the power stage
using a voltage source with a fixed duty cycle.
Controller with feedback is not necessary.

introduced. Most of the newer pulse width modulators utilize current
mode control (which we will cover later in this chapter). The pulse width
modulator compares the output of an error amplifier (VC) to a fixed saw-
tooth waveform that has a lower voltage (VL) and has an upper voltage
(VH). The output of the IC is a duty cycle, which is used to turn the
semiconductor switch on and off. The duty cycle can be calculated as

D = VC − VL

VH − VL

The output of the converter is the average of the switch duty cycle. The
converter output is then defined as

Vo = Vin D

Combining these two equations, we can obtain the modulator transfer
function as

Vo = Vin(VC − VL)
VH − VL

Similarly, the input current can be modeled as

Iin = Io D
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*Pulse Width Modulator 
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E1 6 2 POLY(2) 1 2 4 5 0 0 0 0 1 
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RP 1 2 1MEG 
RS 3 6 1M 
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Figure 4.2a Pulse width modulator (PWM) equivalent circuit.
The dashed line indicates that the voltage V(4,5) controls the
dependent sources G1 and E1.

Figure 4.2a demonstrates the basic structure and operation of the
state averaging “PWM switch” subcircuit [5,66]. This model replaces
the pulse width modulator switches. In Fig. 4.2b, a DC analysis is
performed, in which we sweep V2 from 0 to 1. This terminal is the
duty cycle control, so we are sweeping the duty cycle from 0% to
100%.

As we monitor the output voltage and the input current, we can see
that the output voltage is equal to V1 D, and the input current is equal
to I1*D, which agrees with our simplified derivation above.

PWM: TO SIMULATE A VOLTAGE NODE CONVERTER
.DC V2 0 1 .01
.PROBE
.PRINT DC V(2) I(V1)
X1 1 0 2 3 0 PWM
V2 3 0
I1 2 0 1
V1 1 0 10
.END
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Figure 4.2b PWM subcircuit to sweep the duty cycle from 0% to 100%.

SG1524A Buck Regulator

The PWM switch can easily be combined with a PWM IC model, such
as the SG1524 pulse width modulator subcircuit, to simulate a com-
plete voltage mode converter. The PWM switch represents the Vo = Vin D
function, while the SG1524 subcircuit correctly models the modulator
gain.

The next example combines the SG1524A subcircuit with the PWM
switch to model a voltage mode buck regulator (Fig. 4.3). The SG1524
model is parameterized, which makes it more flexible. The parameters
passed to the SG1524A subcircuit are

T=10 µs Switching period
TO=1 µs Dead time
TS=0.25 µs Transistor storage time
EP=3.5 V Peak saw voltage
EO=0.5 V Minimum saw voltage

You can view the SMPS Book.LIB file on the enclosed CD to see how
the parameters are utilized in the SG1524 subcircuit.

The regulator model is extremely simple. The SG1524A subcircuit
contains the error amplifier, reference, and comparator sections. The
comparator compares the output of the error amplifier with a sawtooth
and generates a resultant duty cycle. The duty cycle is modified by
the storage time and dead time parameters, which are passed to the
subcircuit.
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1524BCK: TO MODEL A VOLTAGE MODE BUCK REGULATOR
.OP
.AC DEC 25 100HZ 1000KHZ
.PROBE
∗ V(9)=COMP
.PRINT AC V(10) VP(10) V(9) VP(9)
X2 2 0 4 1 0 PWM
V1 2 0 12
R1 3 5 10K
L1 4 10 100U
C1 10 13 220U
R3 10 0 100
R4 7 6 22K
R5 7 8 47K
C2 8 9 .01U
C3 7 12 6.8N
L2 10 6 1
C4 6 11 1
V2 11 0 AC 1
R6 12 6 1.5K
R7 13 0 .05
X1 7 5 9 1 3 SG1524A Params: T=10U TO=1U TS=.25U EP=3.5 EO=.5
.END
Figure 4.3 Schematic and “top-level” netlist of a complete voltage mode converter using
the PWM switch and SG1524.

The output filter causes a double pole at

F = 1

2π
√

L1C1
= 1073 Hz

One of these two poles is canceled by R4 and C3, which has a corner
frequency of

F = 1
2π R4C3

= 1064 Hz
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A third pole is caused by capacitor C2, which is used to provide maxi-
mum DC gain for regulation purposes. R5 provides a zero with C2 at a
frequency of

F = 1
2π R5C2

= 338 Hz

The zero is below the frequency of the output filter pole in order to
improve phase margin. If the output filter has a lower Q (it normally
does not), then the zero could be at a frequency that is closer to the
output filter pole. An additional zero exists, because of the output filter
capacitor ESR at

F = 1
2π R1C7

= 14, 475 Hz

This zero is canceled by R6 and C3, which has a corner frequency of

F = 1
2π R6C3

= 15, 611 Hz

The DC gain of the modulator is approximated by

Gain = Vin (T − T0)
(EP − E0) T

= 3.6 = 11.1 dB

The regulator is configured as an open-loop model in order to measure
the Bode response. Inductor L2 is set to 1 H in order to effectively
open the loop. The plots in Figs. 4.4, 4.5, and 4.6 show the modulator
gain (VM(10)/VM(9) and VP(10) - VP(9), where VM is the magnitude
and VP is the phase), the error amplifier gain (V(9)), and the overall
loop gain (V(10)), respectively.

In the next simulation, the loop is closed in order to simulate the
audio susceptibility and load transient characteristics of the converter.
The modified schematic is shown in Fig. 4.7. Note that L2 has been
removed.

1524BCK: TO SIMULATE THE AUDIO SUSCEPTIBILITY AND
∗THE LOAD CHARACTERISTICS OF THE CONVERTER
.OP
.TRAN 1U 5M 0 5U
.AC DEC 20 100HZ 1MEGHZ
.PROBE
∗ V(9)=COMP
.PRINT AC V(12) VP(12) V(9) VP(9)
.PRINT TRAN V(12)
X2 2 0 4 1 0 PWM
V1 2 0 12 AC 1
R1 3 5 10K
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L1 4 12 100U
C1 12 10 220U
R3 12 0 1
R4 7 12 22K
R5 7 8 47K
C2 8 9 .01U
C3 7 6 6.8N
R6 6 12 1.5K
R7 10 0 .05
I1 0 12 PULSE 0 1 1U 1U 1U 2.5M 5M
X1 7 5 9 1 3 SG1524A Params: T=10U TO=1U TS=.25U EP=3.5 EO=.5
.END

The results of the load transient response and audio susceptibility
simulations are shown in Figs. 4.8 and 4.9, respectively.

Discontinuous Mode Simulation

Although this model is extremely simple to use, it does have one sig-
nificant drawback. The modulator transfer function is valid only for
continuous mode operation. The previous example has an inductor rip-
ple current of approximately 200 mA peak-to-peak. This allows the con-
verter to operate at a load current level as low as 100 mA but maintains
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Figure 4.4 Graph of the modulator gain and phase. The waveform division and subtraction
to create the waveforms was performed in IntuScope.
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Figure 4.7 Schematic design for a closed-loop converter. L2 has been removed (see Fig. 4.6).

continuous mode operation. Typical ripple currents will more realisti-
cally allow operation from 10% to 100% of the load in continuous mode.
This model will not produce accurate results for discontinuous mode
operation. The graph in Fig. 4.10 shows the results of a simulation of
the previous circuit with a 50-mA load current.

A state space model that can simulate continuous and discontinuous
mode operation for both current mode and voltage mode converters is
included in the AEi Systems Power IC Library for PSpice.
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Figure 4.8 Load transient response V(12) as the result of a current pulse from I1.
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Figure 4.9 Audio susceptibility simulation result from the AC analysis. V(12) is shown.
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Figure 4.11 Schematic for a buck mode converter that can be used in both voltage and
current modes with discontinuous and continuous inductor currents.

An Improved Buck Subcircuit

An improved buck topology subcircuit, which is based on the peak and
valley inductor currents, allows operation in both voltage and current
mode with discontinuous and continuous inductor currents. The deriva-
tion of the model is shown in Fig. 4.11.

Definition of terms

Pin Converter input power Vin Converter input voltage
Lo Output filter inductance VC Control voltage
Imin Minimum output inductor

current
Np Power transformer ratio Ns/Np

Imax Peak output inductor
current

Vo Converter output voltage

Fsw Switching frequency Io Average output current
Ts Current loop propagation

delay time
Rb Current transformer burden

resistor
Ton MOSFET on-time Nc Current transformer ratio 1:Nc
D2 Freewheeling conduction

duty cycle
D Switch on-time duty cycle

Dmax Maximum switch duty cycle
limit

Governing equations

The offset error amplifier output (VC) controls the peak current in the
primary of the power transformer, as sensed by a current transformer
with a turns ratio of 1:Nc.
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The PWM turns off the switch when the voltage at VC is equal to the
current sense voltage across Rb. The switch will remain on for the delay
time of the PWM comparator plus the switch turn-off delay. The total
delay time is referred to as Ts.

Imax is therefore defined by the control voltage (VC) as

Imax = VcNc

Np Rb
+

((
VinNp

) − Vo
) ∗ Ts

Lo
(4.1)

which is valid for VC> 0
The on-time of the switch is based upon the voltage across the output
inductor and the (Imax – Imin) of the inductor current:

Ton = Lo(Imax − Imin)
VinNp − Vo

(4.2)

Relating Ton to D,

Ton = D
Fsw

(4.3)

If we substitute and solve for D, Eq. (4.3) becomes

D = Lo Fsw

VinNp − Vo
(Imax − Imin) (4.4)

During the time for which the switch is off, the current will decay in
the output inductor. The minimum current is defined as

Imin = Imax − Vo
(
1 − D

)
Lo Fsw

while Imin > 0 (4.5)

If the converter operates in the discontinuous mode, the inductor cur-
rent will be zero prior to the end of the switching cycle. If we define the
off conduction time through the freewheeling diode as D2, we can solve
for D2 in terms of (Imax − Imin) as

D2 = Lo Fsw

Vo
(Imax − Imin) (4.6)

The output current from the converter is calculated as

Io = (Imax − Imin)
(D + D2)

2
(4.7)

Note that in continuous conduction mode, D + D2 = 1.
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Substituting Eqs. (4.4) and (4.6) into Eq. (4.7) gives

D = Lo Fsw

2

(
I2
max − I2

min

) (
1
Vo

+ 1
VinNp − Vo

)
(4.8)

Finally, rearranging Eq. (4.5), we can obtain the value of Imin. Note
that in the continuous mode the value of Imin will be positive, whereas
in discontinuous mode it will be zero. This allows us to equate the volt-
second products across the inductor for intervals of D and D2, which
yields the familiar expression

D = Vo

VinNp
(4.9)

Combining Eqs. (4.5) and (4.9) yields

Imin = Imax − Vo

Lo Fsw

(
1 − Vo

VinNP

)
(4.10)

The converter power can be represented on the primary side by equat-
ing the input power with the output power:

Iin = Vo Io

Vin
(4.11)

Finally, note that by restricting Imin to values greater than or equal
to zero, both continuous conduction and discontinuous modes will be
properly represented.

Adding Slope Compensation

The schematic in Fig. 4.12 shows the addition of an external ramp that
provides slope compensation to the model. The D output of the subcir-
cuit is provided for this purpose. The D output is a voltage equivalent
of the duty cycle, so that a ramp is defined as K*D, where K is the peak
voltage of the ramp at a duty cycle of 1. K may also be described as the
slope of the ramp divided by the switching frequency.

Although we do not have access to the internal nodes that are re-
quired in order to add the ramp, we can rotate it through the compara-
tor and easily add it externally. A nonlinear arbitrary dependent source
(Berkeley SPICE 3 B element) or PSpice E element is used to provide
the multiplication K *D. The schematic in Fig. 4.13 shows the imple-
mentation of the external slope compensation ramp of the subcircuit.
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Figure 4.12 Buck mode converter with the addition of an external ramp.

Voltage Mode Control

If we use a further extension of the circuitshown in Fig. 4.13, voltage
mode control (also called duty cycle control) can be implemented. In
this case, there is no current sensed, so that RB will ideally be set to
zero. RB cannot be set to zero because it will result in a divide-by-zero
error within the subcircuit. It may, however, be set to a very low value
such as 1 m� or less, if necessary. If we set K to 1, the result will be a
duty cycle that is equal to the control voltage VC. The modulator gain
can also be represented in this subcircuit by setting K to 1/Vr, where
Vr is the peak-to-peak voltage of the ramp. Within the subcircuit, VC
is bounded between 0 and 1 V. In order to use this limiting function,
it is recommended that you set K to 1 and add the modulator gain
externally.
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Figure 4.13 Implementation of the external slope compensation ramp to the subcircuit.
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Figure 4.14 The buck mode subcircuit (forward) is used in a buck regulator simulation.

Improved SG1524A Buck Regulator

The example in Fig. 4.14 uses the buck mode subcircuit to model the
buck regulator example (Fig. 4.3).

1524BCK3: A NEW BUCK MODE SUBCIRCUIT
.AC DEC 25 100HZ 1000KHZ
∗ V(2)=COMP
.PRINT AC V(15) VP(15) V(2) VP(2)
.PROBE
V1 5 0 12
R1 4 7 10K
L1 6 15 100U
C1 15 8 220U
R2 15 0 100
R3 1 9 22K
R4 1 10 47K
C2 10 2 .01U
C3 1 11 6.8N
L2 9 15 1
V2 12 0 AC 1
R5 11 9 1.5K
R6 8 0 .05
X3 5 0 3 6 14 SSFWD Params: L=100U NC=1 NP=1 F=100K DMAX=.9
+ RB=1M TS=.25U
EB1 13 3 Value={ V(14) }
C5 9 12 1
X1 1 7 2 13 4 SG1524A Params: T=10U TO=1U TS=.25U EP=3.5 EO=.5
.END
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Figure 4.15 Graph of the open-loop gain and phase, node 15.
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Figure 4.16 Graph of the open-loop gain and phase with a 50-mA load.
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The results of the simulation are shown in Fig. 4.15. Note the ex-
cellent agreement between this model and the previously used PWM
switch model.

The circuit was resimulated with a 50-mA load current, which caused
it to operate in discontinuous conduction mode. The results of the sim-
ulation are shown in Fig. 4.16.

Note the drastic difference in the phase gain plot compared with that
of the PWM switch. The improved model correctly shows the reduction
in modulator gain and also correctly shows that the modulator is rep-
resented by a single pole rather than two poles, as in the continuous
conduction mode. From the operating voltages in the schematic, it is
also evident that the improved model correctly shows that the duty cy-
cle is significantly reduced as a result of the discontinuous operation.
The graph in Fig. 4.17 shows the result of the modulator gain using the
improved model.

Transient Model

The Power IC Model Library for PSpice also includes transient-based
models of many pulse width modulators, including the UC1524A, which
is identical to the SG1524A. The next example shows the application
of the nonlinear switching transient models to simulate the previous
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Figure 4.17 Result of the modulator gain using the new model.
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Figure 4.18 Application of the transient subcircuits to simulate the previous buck
regulator.

buck regulator circuit (Fig. 4.18). The transient model properly models
the output ripple, propagation delay times, and cycle-by-cycle switching
effects. The disadvantage to the transient models is the increased sim-
ulation time and the difficulty in simulating frequency domain charac-
teristics such as phase-gain analysis and audio susceptibility.

TRAN1524: TO SHOW THE APPLICATION OF THE TRANSIENT SUBCIRCUIT
.TRAN .2U 10M 5M .05U UIC ; Load Step
∗.TRAN .2U 5M 0 .05U UIC ; Startup
.PROBE
.OPTION GMIN=1N ABSTOL=10U VNTOL=10U RELTOL=.01 ITL4=100
∗ V(6)=SWITCH
∗ V(15)=OUT
∗ I(V1)=ISWICH
∗ V(9)=DRIVE
∗ V(14)=COMP
.PRINT TRAN V(6) V(15) I(V1) V(9)
.PRINT TRAN V(14)
R1 2 0 3K
C1 3 0 2.2N
R2 5 4 10K
V1 10 0 12
Q1 10 8 7 QN2222A
R3 10 8 1K
D1 7 8 DN4148
D2 0 6 SHD1352
L1 6 15 100U
C2 15 11 220U
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R4 11 0 .05
R5 15 0 1
R6 12 13 47K
C3 13 14 .01U
R7 12 15 22K
C4 12 17 6.8N
R8 17 15 1.5K
C5 5 0 .047U
R9 8 9 47
C6 6 16 .01U
R10 16 0 4.7
X3 6 7 10 MTM8P10
I1 0 15 PULSE 0 1 5.001M 1U 1U 2.5M 5M ; Load Step
∗ I1 0 15 1 ; Startup
X1 12 5 1 0 0 2 3 0 14 0 0 9 9 0 10 4 UC1524A
.END

The graph in Fig. 4.19 displays the results of the transient step load
response. The upper trace is the result of the state space model, and
the lower trace is the result of the transient simulation. Note that
the transient model shows a slightly lower Q, as evidenced by the
reduced undershoot that results from the MOSFET’s on resistance.
Also note that the transient model includes the output ripple. The
waveforms in Fig. 4.18 show the MOSFET’s voltage and output
ripple.
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Figure 4.19 Transient step load response.
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Figure 4.20 Turn-on response of the output voltage, V(15), using the nonlinear transient
model.

2.10M
5.18<

x

>

1

500U 1.50M 2.50M 3.50M 4.50M

Time in Secs

6.00

4.00

2.00

0

-2.00

V
(9

) 
in

 V
ol

ts

Figure 4.21 Turn-on response of the output voltage, V(15), using the state space model.
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Figure 4.22 Turn-on response of the output voltage, V(15), using the transient model.

When I first ran this simulation on a 75-MHz Pentium computer,
it required approximately 2 hours of simulation time. On a P4 3-GHz
computer, it ran somewhat faster, taking 4 min 9.42 s.

The simulation speed has obviously improved, although the tran-
sient simulation will always be considerably slower than the state space
model, which runs in less than a tenth of a second.

Why do we bother using transient models? The transient model al-
lows us to view important considerations of the real hardware. In this
case, the concern was the “cheap and dirty” high side driver circuit.
The transient simulation allowed us to view the topological aspects
of the circuit as well as the MOSFET switching speed. The transient
model was also used to perform a simulation at a light load current of
50 mA. According to the state space model, the converter should oper-
ate in discontinuous conduction mode. The snubber was removed from
the Schottky diode in order to make the discontinuity easier to see.

The operating duty cycle under this condition is approximately 25%,
which agrees with the state space model. A final simulation shows the
turn-on of the buck regulator in order to establish the functionality of
the soft-start circuit, which comprises R2 and C5.

The buck regulator reached a maximum voltage of 5.17 V (Fig.
4.20), which equates to approximately 3% overshoot. Although this is
generally acceptable, the soft-start time can be increased in order to
eliminate the overshoot. For comparison purposes, the turn-on simula-
tion was also performed using the new state space and the transient
models (Figs. 4.21 and 4.22).
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Chapter

5
Flyback Converters

The flyback converter has long been popular for low-power applications.
The major attraction of the flyback topology is its low component count.
At higher power levels, the output capacitor ripple current is often too
great to deal with using conventional, low-cost capacitors. Dynamic
response is also limited in continuous conduction mode, because of a
right-half-plane (RHP) zero in the transfer function.

In the flyback topology, energy is stored in a power inductor (which
often has multiple windings, as in a transformer) during the on-time of
the switch. During the off-time of the switch, the energy is delivered to
the load. The flyback topology is often used in both discontinuous and
continuous conduction modes and can be successfully controlled using
current mode or voltage converters.

A Flyback Subcircuit

A simplified functional schematic diagram of the flyback subcircuit is
shown in Fig. 5.1. It is included in the Power IC Model Library for
PSpice available from AEi Systems. It is a universal subcircuit that is
capable of simulating the flyback regulator in both the continuous and
discontinuous modes of operation with either voltage mode or current
mode control. The derivation of the model is as follows.

Defined terms

Pin Converter input power VC Offset error amp output
Lm Power transformer

magnetizing
NP Power transformer ratio

Imin Minimum primary
current

Vout Subcircuit output voltage

115
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Figure 5.1 Flyback subcircuit schematic that can be used in both voltage and current
modes with discontinuous and continuous inductor currents.

Imax Peak primary current Iout Average output current
Fsw Switching frequency Rb Current transformer

burden
η Efficiency factor NC Current transformer ratio
Ts Propagation delay D Converter duty cycle
Ton MOSFET on-time Pout Converter output power
Vin Converter input

voltage

Governing equations

Pout = Pin
∗η

Pin = 1
2

Lm

(
I 2
max − I 2

min

)
Fsw

Imax is defined by the control Voltage Vc as

Imax = VC NC

Rb
+ VinTs

Lm

The MOSFET on-time is calculated as

Ton = Lm (Imax − Imin)
Vin

Since Ton = D/Fsw,

D = Lm Fsw (Imax − Imin)
VinNP − Vout
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During the MOSFET off-time, the primary current falls as

Imax − Imin = Vout
(
1 − D

)
NPLm Fsw

while Imax − Imin ≥ 0

Substituting equations,

Imin = Imax − Vout

NP

(
1 − Lm Fsw

Vin (Imax − Imin)

)

which can be further simplified as

Imin = Imax − Vout

NPLm Fsw

(
1 + Vout

NPVin

) while Imin ≥ 0

Substituting equations,

Iout = Lm Fsw
(
I 2
max − I 2

min

)
2

(
1

Vout
+ 1

VinNP − Vout

)
η

and the duty cycle can be calculated as

D = Lm Fsw (Imax − Imin)
VinNP − Vout

The circuit shown in Fig. 5.2 is a simple representation, using the new
subcircuit, of a dual-output flyback converter with a separate trans-
former winding for voltage regulation. The flyback subcircuit essen-
tially replaces the PWM switch model discussed in Chap. 4.

The results of the gain-phase measurement of the flyback converter
are shown in Figs. 5.3 and 5.4 for a 30-mA load and a 1-A load on each
output, respectively. The circuit has a bandwidth of 7 kHz with a phase
margin of 75◦ and a 1-A load. At a 30-mA load, the performance is quite
different because of the discontinuous operation. The 34 kHz would
likely be a problem for most applications. Either the converter would
require a preload or the 1-A load bandwidth would have to be reduced.
This would sacrifice performance.

Note that L1 and C4 are used to break the loop for the open-loop
measurement. Voltage source V4 represents the injection signal. This
method allows the DC path to be closed via L1, while the AC information
is removed (essentially) by the very low frequency filter created by L1
and C4.

Audio Susceptibility

The same SPICE model can be used to evaluate closed-loop performance
parameters, such as audio susceptibility. To use the model for these
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FLY1: DUAL OUTPUT FLYBACK CONVERTER
∗.TRAN 10U 2M
.AC DEC 25 100 1MEG
∗.DC V1 18 38 .1
.OPTIONS RELTOL=.01 ITL1=500 ITL2=500 ITL4=500 GMIN=1n
.NODESET V(2)=15.7
.PROBE
∗ V(11)=+15
∗ V(3)=SENSE
∗ V(6)=FDBCK
∗ V(18)=-15
∗ V(5)=D
.PRINT AC V(11) VP(11) V(3) VP(3)
.PRINT AC V(6) VP(6)
.PRINT TRAN V(3) V(18)
.PRINT DC V(17)
V1 1 0 28 ; add “AC 1” for Audio Susceptibility Test
X3 2 0 13 4 TURNS Params: NUM=18
X4 9 0 13 4 TURNS Params: NUM=18
X5 0 7 13 4 TURNS Params: NUM=18
X6 3 0 13 4 TURNS Params: NUM=12
D1 9 11 DN5806
D2 18 7 DN5806
C1 11 0 100U
C2 0 18 100U
R1 11 0 15 ; 15 ohms for 1A, 450 for 30ma
R2 0 18 15 ; 15 ohms for 1A, 450 for 30ma
R3 4 0 1MEG
X7 8 21 0 6 16 14 UC1843AS
VEA 6 60 10m ; Added for convergence at low currents

Figure 5.2 Schematic design and netlist for a dual-output flyback converter.



Flyback Converters 119

R4 3 21 8K
R5 21 0 2.5K
C3 8 12 1N
R6 12 21 47K
V3 16 0 15
L1 17 60 10 ; 10 for open loop Gain/Phase analysis, 1p for Closed loop
∗ analysis (Transient or Audio Susceptibility)
C4 15 17 10 ; 10 for open loop Gain/Phase analysis, 1p for Closed loop
∗ analysis (Transient or Audio Susceptibility)
V4 15 0 AC 1
X1 1 0 17 2 5 FLYBACK Params: L=20U NC=100 NP=1 F=250K EFF=1 RB=10
+ TS=.25U
.END

Figure 5.2 (Continued).

evaluations, the inductor, capacitor, and AC voltage source can be left
in the circuit. This is accomplished by changing the value of L1 to 1 pH,
and C4 to 1 pF. To simulate the audio susceptibility performance, an
AC source statement must also be added to the input voltage source,
V1.

The results of the audio susceptibility simulation are shown in the
graph of Fig. 5.5.
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Figure 5.3 Gain-phase Bode plot of the dual-output flyback converter with a 1-A load on
each output.
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Figure 5.4 Gain-phase Bode plot of the dual-output flyback converter with a 30-mA load
on each output.
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Figure 5.5 Audio susceptibility simulation results, node 11.
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Figure 5.6 Graph showing the nonlinear relationship between the input voltage and the
control voltage.

Feedforward Improvements

The flyback converter has a peak input current that varies with input
voltage.

This can be seen by sweeping the input voltage and monitoring the
control voltage or the output of the error amplifier (see Fig. 5.6).

Although this curve is not linear, the audio susceptibility of the fly-
back converter can still benefit from feedforward compensation. This is
most easily added via a simple resistor connected from the input volt-
age to the current sense pin of the PWM IC. We can add a feedforward
signal in series with the control pin of the subcircuit to accomplish the
same effect.

The schematic showing the incorporation of the feedforward signal is
shown in Fig. 5.7.

The improvement in audio susceptibility is graphically shown in
Fig. 5.8. Note that the feedforward signal improves the audio sus-
ceptibility performance by more than 20 dB. In several applications,
I have been able to use this feedforward technique, rather than adding
a linear regulator, to obtain the necessary attenuation. There are
several benefits. There is no reduction in efficiency performance, as
would occur with the addition of a linear regulator. Also, the con-
verter can be made smaller and less expensively without the linear
regulator.
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FLY2: FEEDFORWARD SIGNAL
.OPTION GMIN=10N
.NODESET V(2) = 15.7
∗ .TRAN 10U 4M 2m 10u
.PROBE
.AC DEC 25 100 1MEG
∗ALIAS V(11)=+15
∗ALIAS V(3)=SENSE
∗ALIAS V(6)=FDBCK
∗ALIAS V(18)=-15
∗ALIAS V(5)=D
.PRINT AC V(6) VP(6)
.PRINT AC V(11) VP(11) V(3)
.PRINT TRAN V(3) V(18) V(5)
V1 1 0 28 AC 1
X3 2 0 13 4 TURNS Params: NUM=18
X4 9 0 13 4 TURNS Params: NUM=18
X5 0 7 13 4 TURNS Params: NUM=18
X6 3 0 13 4 TURNS Params: NUM=12
D1 9 11 DN5806
D2 18 7 DN5806
C1 11 0 100U
C2 0 18 100U
∗ I1 0 11 pulse 0 0.5 .1u .1u .1u 1m 2m ; use for load step analysis
R1 11 0 15
R2 0 18 15
R3 4 0 1MEG
X7 8 21 0 6 16 14 UC1843AS
R4 3 21 8K
R5 21 0 2.5K

Figure 5.7 Feedforward signal schematic and netlist.
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C3 8 12 1N
R6 12 21 47K
V3 16 0 15
EB1 6 17 Value= { .005*V(1)}
X1 1 0 17 2 5 FLYBACK Params: L=20U NC=100 NP=1 F=250K EFF=1 RB=10
+ TS=.25U
.END

Figure 5.7 (Continued).

Flyback Transient Response

The transient response of the flyback converter is unaffected by the
addition of the feedforward signal. The transient response simulation
results in Fig. 5.9 show an overlay of a 0.5-A step on the +15-V output
with and without the feedforward signal.

To calculate the DC output resistance, we use the following equations:

	 Il = 15
(
0.64

)
25µ

(
250 kHz

) = 1.536 A

Ipk = Iout

D′ + 	 Il

2
= 0.833

0.64
+ 1.536

2
= 2.069 A

Irms = Iout√
D′ = 0.833√

0.64
= 1.04 A
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Figure 5.8 Graph showing improvement in audio susceptibility.
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Figure 5.9 Transient response simulation results with the unaffected flyback converter.

Icap = Iout

√
1
D′ + D = 0.833

√
1

0.64
+ 0.36 = 1.15 A

Ploss = 1
2

L2
l I 2

pk Fs + I 2
rms(DCR) + I 2

cap(ESR)

= 1
2

(
350 nH

) (
2.07

)2 250 kHz + (
1.04

)2 0.1 + (
1.15

)2 0.03

= 0.335 W

Reff = Ploss

I2
out

+ Rd = 0.188(
0.833

)2
+ 0.12 = 0.483 + 0.12 = 0.603 �

The resulting 0.6 � is a good approximation of the DC output resis-
tance. Based on our example, the load regulation from 10% to 100%
load would be

	 V = 0.833 × 0.9 × 0.6 = 0.45 V

The actual value that was recorded for the converter was 0.49 V. Ob-
viously, the resistance is nonlinear and dependent upon input voltage,
but this is a good estimate.

The calculated output resistance was implemented into this SPICE
model in order to get the simulation results of Fig. 5.11.
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From the previous simulation, we can obtain the nominal duty cycle
of 0.36 with an input voltage of 28 V, or we could calculate it as

D = 1 − Vin

Vout

The delta inductor current can be calculated on the basis of the output
voltage and D′:

	 Il = Vout D ′

Ls Fs

The peak secondary current is calculated as

Ipk = Iout

D ′ + 	 Il

2

The secondary RMS current can be approximated by

Irms = Iout√
D′

The output capacitor RMS ripple current is calculated as

Icap = Iout

√
1
D′ + D

The effects of the diode forward drop can best be approximated by
evaluating the difference in forward voltage at two output currents of
interest as

Rd = 	 Vf

	 Iout

The parameters from the power supply design are listed in the following
table.

L1 350 µH Iout 0.833 A
Ls 25 µH Fs 250 kHz
ESR 0.03 � DCR 0.1 �

D 0.36 D ′ 0.64
N 1 Reff 0.12 �

Simulating Regulation

One of the more difficult simulations to perform is the DC regulation of
the flyback converter. The regulation and, more importantly, the cross-
regulation of a flyback converter is a function of the parasitic leakage
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Figure 5.10 Dual-output 15-V power supply schematic.

inductance of the power transformer, the output rectifier characteris-
tics, and the output capacitor equivalent series resistance (ESR).

In simple terms, these losses can be viewed as linear power losses.
Although this is not entirely true, it will generally provide reasonably
accurate results. The one characteristic that will not show up is the
large voltage at the output under light-load or no-load conditions. This
does not generally pose a problem because there is a protection or
limiting device (such as a zener diode) present to make this voltage
predictable.

The following example is from an actual dual-output 15-V power sup-
ply that was designed recently (see Fig. 5.10). Given the following pa-
rameters, we will calculate the regulation for incorporation into our
SPICE model.

Definitions

L1 Power transformer
secondary leakage
inductance

Iout Output DC current

Ls Power transformer
secondary inductance

Fs Switching frequency

ESR Output capacitor
ESR

DCR Transformer secondary
resistance

D Duty cycle D ′ 1 Duty cycle
N power transformer turns ratio Irms RMS secondary current
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Ipk Peak secondary current 	 I1 Secondary inductor
current delta

Rd Effective diode resistance Reff Effective average
resistanceIcap Output capacitor RMS

current

The total loss of the secondary can be calculated as

Ploss = 1
2

L1 I2
P Fs + I2

rms DCR+ I2
cap ESR

FLY3: FEEDFORWARD SIGNAL
.OPTION RELTOL=.01 ABSTOL=0.1u VNTOL=10u GMIN=10N ITL1=500 ITL4=500
.NODESET V(2) = 15.7
.TRAN 10U 4M 2M 1u
.PROBE
∗ V(11)=+15
∗ V(3)=SENSE
∗ V(6)=FDBCK
∗ V(18)=-15
∗ V(5)=D
.PRINT TRAN V(3) V(18) V(5)
V1 1 0 28
X3 2 0 13 4 TURNS Params: NUM=18
X4 9 0 13 4 TURNS Params: NUM=18
X5 0 7 13 4 TURNS Params: NUM=18
X6 3 0 13 4 TURNS Params: NUM=12
D1 10 11 DN5806
D2 18 15 DN5806
C1 11 0 100U
C2 0 18 100U
I1 0 11 pulse 0 0.5 .1u .1u .1u 1m 2m
R1 11 0 15
R2 0 18 15
R3 4 0 1MEG
X7 8 21 0 6 16 14 UC1843AS
R4 3 21 8K
R5 21 0 2.5K
C3 8 12 1N
R6 12 21 47K
V3 16 0 15
EB1 6 17 Value= { .005*V(1)}
R7 9 10 .6
R8 7 15 .6
X1 1 0 17 2 5 FLYBACK Params: L=20U NC=100 NP=1 F=250K EFF=1 RB=10
+ TS=.25U
.END

The simulation results are shown in Fig. 5.11 along with the previous
transient simulation results in order to see the effect of the output
resistance.
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Figure 5.11 Transient analysis that shows the effect of the output resistance.

Time Domain Model

The next simulation shows the basic configuration for a transient model
of an off-line flyback converter (see Fig. 5.12). The transient model
allows us to investigate details within the converter, such as peak
switch current, harmonic content, output ripple voltage, and many
other phenomena that would not be observable using a state space
model.

Although this model is somewhat simplified, it can easily be up-
graded even further. Upgrades could include a nonlinear core model
for the power transformer, an input EMI filter, multiple outputs, trans-
former leakage inductance, etc. In most cases, it is recommended
that you start with a basic power supply representation such as this
and then add the required details. In fact, each piece can be sim-
ulated separately before they are all put together. Using this ap-
proach you will have more assurance that the final model will con-
verge, and you can make any necessary changes to the subsections
by taking advantage of the superior simulation speed. Obviously,
as the model complexity increases, the run time will also increase,
thus making investigation of the behavior of each subsection more
costly.

The simulation results of the transient model are shown in Fig. 5.13.
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LT1243: OFF-LINE FLYBACK CONVERTER
∗SPICE NET
.TRAN 0.1US 0.6MS .1MS 10n UIC
.PROBE
.OPTIONS RELTOL=.005 ITL4=300
∗ V(9)=VPRIM
∗ V(16)=VOUT
∗ V(12)=VSECOND
∗ V(17)=ISENSE
∗ V(28)=VERR
.PRINT TRAN V(9) V(16) V(12) V(17) V(28)
V3 2 0 350V
R2 16 0 15
C2 16 3 68UF IC=-14.8V
R3 1 2 2
X5 2 9 12 0 XFMR Params: RATIO=-0.05
R6 3 0 45M
D1 12 16 DIODE OFF
.MODEL DIODE D (TT=1NS CJO=1PF RS=1M)
X7 28 21 17 27 0 11 15 25 LT1243
R8 14 0 2.8
V9 15 0 PULSE 0 15 0 1U
R9 17 14 1K
C4 17 0 1NF
C5 27 0 4.7NF
R10 27 25 3K
R12 21 28 146K
C6 21 28 56P

Figure 5.12 Schematic for an off-line flyback converter using a PWM IC model capable of
showing all key transient effects. The top-level netlist is also shown.
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R13 21 16 50K
R14 21 0 10K
S9 9 14 11 0 SW
.MODEL SW VSWITCH RON=.1 VON=5 VOFF=3 ROFF=1E6
L1 1 9 4MH IC=0
.END

Figure 5.12 (Continued )
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Figure 5.13 Transient model results.
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Figure 5.14 Schematic of the subcircuit with addition of an external ramp.

Adding Slope Compensation

The schematic in Fig. 5.14 shows the addition of an external ramp to
provide slope compensation to the model. The D output of the subcircuit
is provided for this purpose. The D output is a voltage equivalent of the
duty cycle; so a ramp is defined as K*D, where K is the peak voltage
of the ramp at a duty cycle of 1. K can also be described as the slope of
the ramp divided by the switching frequency.

Although we do not have access to the internal nodes required to add
the ramp, we can rotate it through the comparator and easily add it ex-
ternally. A nonlinear dependent source is used to provide the multipli-
cation of K and D. The schematic in Fig. 5.15 shows the implementation
of the slope compensation ramp that is external to the subcircuit.
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Figure 5.15 Schematic of the subcircuit with the addition of an external ramp using a
nonlinear dependent source.
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Voltage Mode Control

Using a further extension of the circuit shown in Fig. 5.15, voltage mode
control (also called duty cycle control) can be implemented. In this case
there is no current sensed, so RB would ideally be set to zero. However,
RB cannot be set to zero because it would result in a “divide by zero error”
within the subcircuit. It can, however, be set to a very low value such
as 1 m� or lower, if necessary. Setting K to 1 will result in a duty cycle
that is equal to the control voltage, VC. The modulator gain may also be
represented in this subcircuit by setting K equal to 1/Vr, where Vr is the
peak-to-peak voltage of the ramp. Within the subcircuit, VC is bounded
between 0 and 1 V. To use this limiting function, it is recommended that
you set K to 1 and add the modulator gain externally.



Chapter

6
Low-Dropout Linear Regulator

Power converters typically have multiple outputs. In some cases, the
regulation is good enough, so that postregulation is not required. In
many applications, the regulation requirement demands the use of
postregulators for the secondary outputs. Simple three-terminal regu-
lators may be used in the vast majority of applications; however, many
applications are sensitive to the efficiency of the converter. A good ex-
ample of this can be seen in the notebook computer and other battery-
powered equipment.

The circuit in Fig. 6.1 demonstrates a MOSFET low-dropout regu-
lator. The MOSFET is controlled by a TL431 shunt regulator IC. In a
typical three-terminal regulator, the use of the MOSFET reduces the
minimum input-to-output differential voltage (headroom) from a value
of 1.5 to 2 V to the product of the output current and the MOSFET’s
on-resistance. It is possible to reduce the headroom requirement to tens
of millivolts in many cases. The operation of the circuit is very simple
and straightforward.

The circuit uses the MOSFET as a source follower. This causes the
dominant pole to occur at the corner frequency that is created by
the source impedance, 1/Gfs and the output capacitor. A second high-
frequency pole exists at the corner frequency that is created by the
MOSFET’s Ciss and its driving impedance (the 1-k� resistor in parallel
with the 10-k� bias resistor).

The compensation adds a low-frequency pole and a zero at the dom-
inant pole frequency. At low currents, the IRF140 has a Gfs of approx-
imately 4 m �. This translates to a source resistance of 0.25 �. The
dominant pole frequency is therefore at

1
2π(0.25)(33 µF)

= 19,000 Hz

133
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Figure 6.1 Schematic of a low-dropout regulator.

The zero that is added by the compensation is at a frequency of

1
2π (2.49k)(3.3 nF)

= 19,000 Hz

Because the bandwidth is relatively low, the high-frequency pole from
Ciss is not canceled. If greater bandwidth is necessary, this pole may
be canceled via the placement of a small capacitor across the 5.49-k�

divider resistor.
Note that this circuit requires a bias voltage for the MOSFET gate

that is at least several volts greater than the output voltage. In most
power converters, this bias voltage is available. In cases where the bias
voltage is not available, a CMOS charge pump circuit is often used to
generate it.

The circuit shown in Fig. 6.1 was used to simulate the transient re-
sponse, turn-on, headroom, and ripple rejection performance of the low-
dropout regulator. The results are shown in Fig. 6.2.

LDO: LOW DROPOUT REGULATOR
.AC DEC 10 100HZ 1000KHZ
.DC V2 5 10 .1
.TRAN 1U 1M 500u UIC
.PROBE
∗V(11)=+8
.PRINT AC V(11) VP(11)
.PRINT DC V(11)
.PRINT TRAN V(11)
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Figure 6.2 Headroom measurement graph.

V1 4 0 15
R3 7 0 2.49K
R4 7 11 5.49K
R5 11 0 8
V2 2 0 9 AC 1
X5 2 1 11 IRF140
X6 6 0 7 TL431
R6 1 6 1K
C1 3 7 3.3N
R7 3 6 2.49K
I1 11 0 PWL 0 0 500U 0 510U 2 750U 2
+ 760U 0
C2 11 0 33U
R2 1 4 10K
.END

The headroom measurements indicate that the dropout voltage (the
minimum voltage across the pass element) at 1 A is 90 mV. The use
of a MOSFET with a lower on-resistance will further reduce the
headroom.

Transient Response

The graph in Fig. 6.3 shows the response to a 2-A step load. The circuit
has a recovery time of approximately 50 µs and a transient impedance
of 10 m�.
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Figure 6.3 Response curve generated by a 2-A step change in the load.
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Figure 6.5 Transient turn-on response of the linear regulator.

Ripple Rejection

The ability of the linear regulator to reject input perturbations (such
as ripple) is shown in Fig. 6.4. This characteristic is equivalent to the
CS-0X audio susceptibility requirements of the military standard MIL-
STD 461. The ripple rejection is primarily a function of the closed-loop
bandwidth of the regulator.

Figure 6.5 shows the transient turn-on response of the linear
regulator.

Control Loop Stability

Feedback stability is an important issue for all closed-loop systems. The
simple modification that has been added to the circuit in Fig. 6.1 (L1,
C3) allows us to measure the open-loop gain and phase of the system
while the circuit loop is still closed (see Fig. 6.6). This method is very
similar to the method used by most modern network analyzers, such as
the Veneable and the Hewlett Packard model 3577.

LDO2: LOW DROPOUT
.AC DEC 10 100HZ 1MEG
.PROBE
∗V(8)=+8
.PRINT AC V(8) VP(8) V(1) VP(1)
V1 7 0 15
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R2 3 0 2.49K
R3 3 4 5.49K
R4 8 0 8
V2 2 0 9
X1 2 1 8 IRF140
X2 5 0 3 TL431
R5 1 5 1K
C1 6 3 3.3N
R6 6 5 2.49K
C2 8 0 33U
C3 4 9 1
L1 8 4 1
V3 9 0 AC 1
R1 1 7 10K
.END

Figure 6.7 shows the Bode plot of the feedback loop. The graph in-
dicates a 7.5-kHz bandwidth with a phase margin of nearly 90◦ and a
gain margin of 45 dB.

The simulation results of the MOSFET LDO are very much depen-
dent on the accurate representation of the MOSFET Gfs over the oper-
ating load current range. In many cases the models provided by manu-
facturers (which are also the models included in many SPICE program
model libraries) may not accurately represent this parameter.

The next example is a similar regulator, designed to provide 2.5-
V output at up to 1 A. The simulations were performed with two
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Figure 6.6 Feedback stability schematic uses a large-value inductor and capacitor to allow
closed-loop measurements.
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Figure 6.7 Bode plot of the feedback loop, node 8.

MOSFET models. The first model is provided by the manufacturer
and is available as a “free” download from their Web site. I wrote the
second MOSFET model using measured data for the device and im-
plementing it in a unique MOSFET subcircuit topology. (This model
is included in the new Power IC Library for PSpice, available from
AEi Systems.) The regulator was also constructed so that the correla-
tion results between the measured data using the two MOSFET mod-
els could be shown. Figure 6.8 shows the schematic of the example
regulator.

LDO3: LOW DROPOUT
.TRAN .1u 1m .5m 1u
.PROBE
.PRINT TRAN V(3)
C3 1 2 100p
X1 11 1 3 AEI57230
L2 5 3 10p
C1 5 6 10p
V1 6 0 AC=1
R1 4 0 30m
V2 11 0 DC=3.3 AC=1
C2 3 4 680u
I2 3 0 DC=25m PULSE 1m 1 100u .1u .1u 250u 500u
V5 16 0 DC=15
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Figure 6.8 2.5-V LDO circuit.

R7 16 1 15k
X4 1 0 2 TL431AILP
C6 1 15 470p
R8 15 2 15k
R9 2 5 1.2k
.END

The models show significantly different responses (see Figs. 6.9 and
6.10), with the AEi Systems model being much closer to the measured

Figure 6.9 Measured pulse load responses.
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Figure 6.10 Simulated pulse load responses, node 3.

response. The only difference between the two simulations is the
MOSFET model. Measurements of the MOSFET transconductance
were made at various load currents, and the results were compared
with the results from the two models. These results are shown below.

Manufacturer Model AEi Model
Measured Result Results Results

Id(mA) Vgs Reff Gfs Vgs Reff Gfs Vgs Reff Gfs

1 3.25 148.784 0.007 4.44 1 1.000 3.210 156.00 0.006
2 3.34 77.243 0.013 4.44 0.645 1.550 3.320 78.300 0.013
5 3.45 36.653 0.027 4.45 0.447 2.237 3.470 31.470 0.032

10 3.57 17.257 0.058 4.45 0.351 2.849 3.570 15.820 0.063
25 3.7 7.357 0.136 4.45 0.261 3.831 3.720 6.406 0.156
50 3.82 3.621 0.276 4.46 0.221 4.525 3.830 3.250 0.308

100 3.93 1.799 0.556 4.46 0.19 5.263 3.940 1.667 0.600
200 4.03 0.940 1.064 4.49 0.168 5.952 4.060 0.868 1.152
500 4.15 0.449 2.228 4.53 0.149 6.711 4.230 0.383 2.611

Measured and simulated results are shown for loop gain measure-
ments at 1-mA and 1-A load currents. These results are shown in Figs.
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Figure 6.11 Loop gain results (1-mA load).

6.11 and 6.12, respectively. All the simulations use the AEi Systems
MOSFET model.

These results show that the regulator loop gain bandwidth varies
from approximately 650 Hz at 1 mA to 45 kHz at 1 A, representing a
multiplying factor of 69 all because of the MOSFET transconductance.
The AEi Systems model proved to be quite accurate over the entire load
current range.

A similar effect exists with bipolar junction transistors (BJTs). The
transconductance of the BJT device is much more predictable, making it
a somewhat simpler simulation. The transconductance of a BJT device
is

Gfs = 1
ré + R

where ré is defined by Shockley’s relation

ré = 26 mV
Ie

and R is the internal bulk resistance of the emitter. The BJT SPICE
models are generally very accurate because the model topology is fixed,
and there is really only one variable controlling Gfs. The BJT generally
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Figure 6.12 Loop gain results (1-A load).
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Figure 6.13 PNP BJT regulator circuit.

results in a higher frequency pole, because of the higher Gfs; however,
the MOSFET regulator can operate with a lower input-output differen-
tial voltage.

There are also several low-dropout voltage regulators that utilize a
PNP transistor or a P-channel MOSFET. These configurations can often
operate with a single supply voltage and the BJT version can operate
with an input-output voltage differential as low as a few hundred milli-
volts, depending on Vce(sat). An example of a PNP BJT voltage regulator
is shown in Fig. 6.13.

PNPLDO.CIR
.AC DEC 20 10 1meg
.PROBE
.PRINT AC Vdb(5)
.OPTIONS GMIN=1n
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X3 4 2 3 1 8 OPA27B
X1 5 7 19 TIP42
V1 1 0 DC=-5
R1 2 6 10k
C2 6 8 1n
ILoad 5 0 DC=1m
V2 3 0 DC=3.3
Q2 7 8 9 QN2222A
V3 4 0 DC=2.5
V4 19 0 DC=3.3
C3 5 12 680u
R5 12 0 30m
R7 19 7 4.7k
L2 5 18 100
C4 18 20 100
V6 20 0 AC=1
R9 2 18 1k
R11 9 0 100
.END

In this case the PNP transistor is driven by a current source (Q5). If we
look at the base of Q5 as the control voltage, then the transfer function
from Vc to Vout is

Vout ≈ Vc

R11

Hfe
X2

Zout

where Zout is the impedance of the output capacitor (and its ESR) along
with the external load impedance. In this configuration the transfer
function is not dependent on the transconductance of the output tran-
sistor, but primarily on the Hfe of the output transistor. The transistor
Hfe is dependent on the load current, the operating temperature, and
the relatively wide initial production tolerances. Nuclear radiation will
also have a significant impact on Hfe.

Driving the output transistor from a voltage rather than a current
changes the transfer function to

Vout ≈ Vc
G fs

Zout

which is dependent on the transistor G fs. A final and more complicated
configuration using a P-channel MOSFET is shown in Fig. 6.14.

PFETLDO.CIR
.AC DEC 20 10 1meg
.OPTIONS GMIN=1n
.NODESET V(5)=2.5
.NODESET V(8)=0.603
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.PRINT AC Vdb(5)

.PROBE
X3 4 2 3 1 8 OPA27B
X1 5 7 19 SI4463DY
V1 1 0 DC=-5
R1 2 6 10k
C2 6 8 1n
ILoad 5 0 DC=1
V2 3 0 DC=3.3
Q2 7 8 9 QN2222A
V3 4 0 DC=2.5
V4 19 0 DC=3.3
C3 5 12 680u
R5 12 0 30m
R7 19 7 4.7k
L2 5 18 100
C4 18 20 100
V6 20 0 AC=1
R9 2 18 1k
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Figure 6.14 P-channel MOSFET regulator circuit.
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Figure 6.15 P-channel MOSFET regulator loop gain, node 5.

R11 9 0 100
.END

Considering the base of Q2 as the control voltage Vc, we can see that
the current through Q2 is a function of the gate-source voltage required
to obtain the output current, which is a nonlinear variable. The ré of
Q2 is a function of this current and influences the voltage gain of the
loop. The relationship is

Vout = Vc
R7

R11 + re′ Gfs Zout

For clarity I left out the pole created by the input capacitance of the
MOSFET, Ciss. By inspection of this equation it is clear that the gain
term is dependent on the operating current of Q2, which is dependent on
the load current, Gfs, and the threshold voltage of the MOSFET. There
are also two poles, one from Ciss and the other from the output capacitor.
The loop gain plots for load currents of 1 mA and 1 A are shown in
Fig. 6.15. You can see that there is a 3-decade change in bandwidth as a
result of the load current change and also that the circuit is not stable
at 1-mA load.



Low-Dropout Linear Regulator 147

1 vdb11 2 vdb11#a

10 100 1k 10k 100k 1Meg
Frequency in Hz

-140

-100

-60.0

-20.0

20.0

vd
b1

1
, v

d
b1

1
#a

 in
 d

b
(v

ol
ts

)
P

lo
t1

12

x = 3.23k hertz, y = -5.13 db(volts)

1mA Load

1 Amp Load

x = 3.23k hertz, y = -82.3 db(volts)

Figure 6.16 P-channel MOSFET regulator output impedance.

The poor stability at 1 mA is also evident from the output impedance
of the regulator, shown in Fig. 6.16.

This circuit can be stabilized over a wide operating load current; how-
ever, it is important to consider the effects of the MOSFET and the
driving transistor on the overall regulator stability. In any case the
very large variations make it a difficult and certainly less than ideal
choice as well as a significant challenge to simulate.

The most common topology of the three-terminal regulator uses an
NPN BJT as the output series pass element. Some of the newer de-
vices use power MOSFETs, which would then be very similar to the
example shown in Fig. 6.8. The basic structure of the most common
three-terminal voltage regulator is shown in Fig. 6.17.

The output transistor, Q1, has an effective emitter resistance that is
related to the emitter current by Shockley’s equation:

ré = 26 mV
Ie

This relationship is valid at low emitter currents, and at higher currents
ré is limited by the internal bulk resistances of the transistor as well as
any external resistors, such as emitter current-limiting sense resistors.
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Figure 6.17 A typical three-terminal regulator.

At very low currents, an upper resistance limit may be imposed due
to the use of a base-emitter resistor. The overall resistance, including
these limits, is defined by the term Reff.

The effect of this Reff is to combine with the output capacitor, resulting
in a frequency pole in the feedback path that is defined by

Fpole = 1
2π Reff Cout

This frequency pole is in addition to the typical dominant pole compen-
sation of the voltage regulator, which results in conditional stability
of the voltage feedback loop. This additional pole is further compli-
cated by the fact that it has a load-dependent corner frequency and
also that it is proportional to load capacitance. Devices may also vary

1

C1
10u

2

R1
220

R2
3.9k

R3
2.2k

3

V1
28 I1

V1
IN OUT

ADJUST

X2
LM317TI

Figure 6.18 LM317 Three-terminal regulator test circuit.
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Figure 6.19 LM317 three-terminal regulator test circuit response.

from manufacturer to manufacturer because the internal feedback loop
characteristics are generally not specification controlled.

The use of a MOSFET in place of a BJT has a similar effect, but
Shockley’s equation does not apply. The effective resistance of the
MOSFET device is typically much greater than that of the BJT.

An example circuit, shown in Fig. 6.18, was constructed. A 0- to
100-mA step load was applied in addition to the 2.2K resistor load
in order to see the effects of the moving frequency pole and the poor
resulting phase margin.

LM317TI.cir
.TRAN 1u 10m 0 10u
.PRINT TRAN V(1)
.PROBE
C1 1 0 10u
R1 1 2 220
R2 2 0 3.9k
R3 1 0 2.2k
V1 3 0 DC=28
I1 1 0 PULSE 0 .1 2m 1u 1u 5m 10m
X2 3 2 1 AEILM317TI
.END
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Figure 6.20 LM317 Three-terminal regulator simulated response.

Figure 6.21 Three-terminal regulator test circuit with 2.2K load.
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The measured step load response is shown in Fig. 6.19, and the SPICE
model simulation result is shown in Fig. 6.20.

Although the models do not agree all that well, both the measured
result and the simulated result indicate poor stability. The loop gain
of the test circuit was measured with only the 2.2K load resistor. The
measured result is shown in Fig. 6.21.
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Chapter

7
DC-to-AC Conversions

Although most of this book has been dedicated to the modeling and
simulation of DC-to-DC converters, there are applications such as un-
interruptible power supplies (UPS) that convert a DC input voltage to a
sinusoidal AC output voltage. The basis of the conversion is very similar
to that of the conversion of a DC input voltage to a DC output voltage.

One of the more difficult aspects of DC-to-AC conversion is obtaining
a regulated, low-distortion sine-wave reference. Several example cir-
cuits that demonstrate different techniques for generating sine-wave
references are contained in this chapter.

Using SPICE to Generate a Sine ROM

The following example demonstrates an unusual task for SPICE. This
example is the result of an actual design for a three-phase sine-wave
reference (only one phase is shown). The circuit simulates a single-bit
pulse code representation of a sine wave. The implementation is accom-
plished using a microprocessor that generates a 4-bit word. One bit is
used for each of the three-phase references, while the fourth bit is used
to generate a synchronization pulse that is required by other circuits.
The microprocessor functions as a crystal oscillator and counter. This
implementation allows the microprocessor to support functions such
as programmable frequency, which are used to support 50-, 60-, and
400-Hz outputs. Much of the protection circuitry is also realized by the
microprocessor.

The fundamental problem is the generation of a bit pattern for the
sine-wave reference. The circuit in Fig. 7.1 shows a novel approach for
generating the bit pattern for a single phase. The same circuit is easily
extended to three phases (or any other number of phases).

153
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The pulse generator, V1, is used as the clock. Because we will gen-
erate 256 values in the table, this clock is 256 times greater than the
output frequency. Flip-flop X1 was created using logic expressions. It
latches the data between clock pulses. V2 is a sine wave that is used
as a reference in the circuit. R1, R5, C1, and C2 filter the pulse-coded
waveform and reconstruct the sine wave. EB1 is a simple comparator
that sets the output bit high if the sine-wave output is lower than the
sine-wave reference value or sets the output bit low if the sine-wave
output is higher than the sine-wave reference value. EB2 shifts the
level of the bit values to a zero-one format (if V(3) is greater than 1,
then V(9) is set to 1 V; otherwise, V(9) is set to 0 V).

The SPICE .FOUR analysis is performed on the sine-wave output in
order to place the total harmonic distortion in the output table. The
circuit is simulated several times, with different amplitude values for
V2. The lowest distortion occurs with the values listed in Fig. 7.1. As we
look at the output data, we can see the bit patterns and the sine-wave
output at each filter stage. Note that more sophisticated filters could
produce lower distortion, as could more values in the data table. Figure
7.2 shows the sine-wave output waveform and the one-zero bit pattern
produced by EB2.

Note that the circuit starts with zero initial voltage. For this reason,
two cycles are simulated and the data for the Fourier analysis are ex-
tracted only from the second cycle so that the transient residues are
eliminated.

CLK Q 

Q - 

S R 

D 

X1 FFLOP

R1 4.7K

C1
47N

V1
PULSE

V2
SIN R4

1MEG

V(1)
OUT

R5 47K

C2
8.2N

V(3)
Q

B1
B2

V(9)
BITS

V(7)
FLTR1

V=V(3) > 1 ? 1 : 0
V=(V(5)-V(7)) > 0 ? 2.5 : -2.5 

4

6 2

3 7

5

1

9

Figure 7.1 Schematic and netlist showing a novel approach for generating a bit
pattern.
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SINE: BIT PATTERN GENERATOR
.TRAN 9.766U 9M 0 1U UIC
.FOUR 400HZ V(1)
.PROBE
∗ V(1)=OUT
∗V(3)=Q
∗V(9)=BITS
∗V(7)=FLTR1
.PRINT TRAN V(1) V(3) V(9) V(7)
R1 3 7 4.7K
C1 7 0 47N IC=0
V1 4 0 PULSE -2.5 2.5 10N 10N 10N 5U 9.766U
V2 5 0 SIN 0 1.5 400
R4 5 0 1MEG
R5 7 1 47K
C2 1 0 8.2N IC=0
EB1 6 0 Value={ IF ( (V(5)-V(7)) > 0 , 2.5 , -2.5 ) }
EB2 9 0 Value={ IF ( V(3) > 1 , 1 , 0 ) }
X1 4 6 0 0 2 3 FFLOPZero

.SUBCKT FFLOPZero 1 2 11 12 5 6
∗ CLK D R S QB Q
X1 7 4 2 8 NAND3Z 0
X2 8 3 10 9 NAND3Z 0
X3 1 8 10 7 NAND3Z 1
X4 4 9 1 10 NAND3Z 0
X5 4 7 6 5 NAND3Z 1
X6 5 10 3 6 NAND3Z 0
X7 11 4 INVZ
X8 12 3 INVZ
.ENDS FFLOPZero
∗
.SUBCKT NAND3Z 0 1 2 3 4
E1 5 0 VALUE = { IF ( (V(1)>0) & (V(2)>0) & (V(3)>0), -2.5, 2.5 ) }
R1 5 4 400
C1 4 0 20P IC=0
.ENDS NAND3Z 0
∗
.SUBCKT NAND3Z 1 1 2 3 4
E1 5 0 VALUE = { IF ( (V(1)>0) & (V(2)>0) & (V(3)>0), -2.5, 2.5 ) }
R1 5 4 400
C1 4 0 20P IC=5
.ENDS NAND3Z 1
∗
.SUBCKT INVZ 1 2
E1 3 0 VALUE = { IF ( V(1)>0, -2.5, 5 ) }
R1 3 2 100
C1 2 0 10P IC=5
.ENDS INVZ

.END

Figure 7.1 (Continued )
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Figure 7.2 Sine-wave output and bit pattern produced by the circuit in Fig. 7.1.

Although this demonstrates the circuit operation, it does not produce
the data in a desirable format. A section of the output listing is shown
in Fig. 7.3.

The distortion analysis results are displayed along with the output
data in the output file. To obtain the table in the desired format, we will
resimulate a modified version of the circuit. The .OPTIONS Numdgt=1
setting causes the output to be displayed in the output file using no dec-
imal places. Only one column of data will appear in the output file. The
column is the bit pattern. The numbers are displayed in the exponential
format. Via the search and replace command found in most text editors,
we can clean up the two values that are present. Replace 1e+000 with
1, and replace 0e+000 with 0. The result will be a bit pattern, as shown
in the partial output file in Fig. 7.4.

The left column is our bit pattern (which has 256 values) and the right
column is the index (think of the index as an address ranging from 0 to
255).

This bit pattern can now be coded into ROM. To achieve a three-phase
bit pattern, the circuit can be copied three times and the sine-wave
reference can be replaced by a three-phase reference. The result will be
three columns of bit data and an index column.

State Machine Modeling in XSPICE

Some SPICE simulators have the ability to model digital functions by
using a state machine model (see chap. 8). State machine models allow
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     1            4.000E+02         1.035E+00        1.000E+00       1.704E+02      0.000E+00 
     2            8.000E+02         1.618E-03         1.564E-03        5.586E+01     -2.850E+02
     3            1.200E+03         9.813E-04         9.482E-04        1.264E+02     -3.849E+02
     4            1.600E+03         6.173E-04         5.965E-04        1.679E+02     -5.139E+02
     5            2.000E+03         1.506E-03         1.456E-03        6.730E+01     -7.849E+02
     6            2.400E+03         3.724E-04         3.599E-04       -1.354E+02     -1.158E+03
     7            2.800E+03         5.308E-04         5.129E-04       -1.345E+02     -1.328E+03
     8            3.200E+03         2.945E-04         2.846E-04       -7.875E+01     -1.442E+03
     9            3.600E+03         2.342E-04         2.263E-04        1.356E+02     -1.398E+03

     TOTAL HARMONIC DISTORTION =   2.518698E-01 PERCENT

**** 04/22/05 11:14:34 ******* PSpice 10.0.0 (Jan 2003) ******* 
 SINE: BIT PATTERN GENERATOR 
 
 ****     TRANSIENT ANALYSIS               TEMPERATURE =   27.000 DEG C

****     FOURIER  ANALYSIS TEMPERATURE =   27.000 DEG C

 
********************************************************** 

********************************************************** 

 
  TIME        V(1)        V(3)        V(9)        V(7)         
 
   0.000E+00   1.601E-15  -1.383E-04   0.000E+00   4.617E-09 
   9.766E-06   1.248E-03   2.312E+00   1.000E+00   9.912E-02 

NORMALIZED
PHASE (DEG)

FREQUENCY
(HZ)

FOURIER
COMPONENT

NORMALIZED
COMPONENT

PHASE
(DEG)

**** 04/22/05 11:14:34 ******* PSpice 10.0.0 (Jan 2003) ******* 
 SINE: BIT PATTERN GENERATOR 

HARMONIC
 NO

DC COMPONENT = 7.470631E-04

FOURIER COMPONENTS OF TRANSIENT RESPONSE V(1)

Figure 7.3 Partial SPICE Transient data (below) and Fourier results (above) for the
simulation in Fig. 7.2.

very fast simulation of large digital systems. The state machine model
in Fig. 7.5 ran in 0.48 s, compared with 3.0 s for Fig. 7.1! The results
are shown in figure 7.6 for comparison. This same circuit took 79 s in
the first edition of this book!

Although this is a very simple circuit, it does illustrate the power
and speed improvements that can be attained. In general, the greater
the complexity of the digital circuit, the greater the benefit provided by
the state machine model. The example in Fig. 7.5 uses the output data
from the previous example to create a state machine model for an 8-bit
counter with a 256 × 1 bit ROM.

Referring to the netlist, the state machine model is described by
.MODEL STATEA20. Various delays are shown along with a pointer
(state file=sin.txt) to the file containing the state definition table. The
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SINE: BIT PATTERN GENERATOR 
.TRAN 9.766U 4.99M 2.5M 1U UIC
.FOUR 400HZ V(1) 
.PROBE
.OPTION NUMDGT=1
* V(1)=OUT
* V(3)=Q
* V(9)=BITS 
* V(7)=FLTR1 
.PRINT TRAN  V(9)  ; V(3)  V(1)  V(7) 
R1 3 7 4.7K  
C1 7 0 47N IC=0 
V1 4 0 PULSE -2.5 2.5 10N 10N 10N 5U 9.766U 
V2 5 0 SIN 0 1.5 400 
R4 5 0 1MEG 
R5 7 1 47K 
C2 1 0 8.2N IC=0 
EB1 6 0 Value={ IF ( (V(5)-V(7)) > 0 , 2.5 , -2.5 ) } 
EB2 9 0 Value={ IF ( V(3) > 1 , 1 , 0 ) } 
X1 4 6 0 0 2 3 FFLOPZero 

TIME  V(9) INDEX

0
1
1
0
1
1
0
1
1
1
0 10

0
1
2
3
4
5
6
7
8
9

Figure 7.4 Partial output file listing
after the transient data have been
manipulated. Index column is shown
for clarity.

state file model parameter is actually like any other SPICE model
parameter, except that instead of being a number its value is that of a
file name. The “A” elements describe either digital elements or “bridges.”
The bridges act like translation devices. These “SPICE” extensions, in-
cluded in some SPICE simulators, were taken from XSPICE, a public
domain version of SPICE 3 that includes a digital logic simulator ex-
tension [36]. They convert signals between the various analog (SPICE
elements) and pure digital elements (elements used by the logic simu-
lator embedded in XSPICE).

Using the Sine Reference to Drive a Power Stage

The sine reference is useful for generating a reference signal for appli-
cations such as a UPS, but it is also capable of directly driving a power
stage. The circuit in Fig. 7.7 demonstrates the use of the bit code pattern
to directly drive a push-pull converter stage.

Note the distorted waveform and the “spike” at 3.15 ms (see Fig.
7.8), which was generated by the step load. A second simulation was
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C
lo

ck

2

1

X1
CLK

V1

12
C5
8.2N

13 14

R5
4.7K

R6
47K

Zero

20 Reset

A13
L0_Def

C6
47N

V_7x

sintxt

In  

Clk

Out0 16

A16
STATE
state_file = sin.txt

A17
D2A_Def

A D 

2

1

NEWSIN.cir
.TRAN 9.766u 10m 0 UIC
.FOUR 400 v(12)
.PRINT TRAN V 7x .PRINT TRAN sintxt
X1 2 CLK Params: FREQ=102.4K DUTY=50
V1 1 0 DC=0
C5 12 0 8.2N
R5 13 14 4.7K
R6 14 12 47K
A13 20 L0 DefA5
.MODEL L0 DefA5 D pulldown( load=1.0P)
A17 [ 16 ] [ 13 ] D2A DefA8
in high=3.00 rise delay=1N fall delay=1N)
.MODEL D2A DefA8 dac bridge( out low=-2.5 out high=2.5
+ out undef=0.0E+000 t rise=1.0N t fall=1.0N
+ input load=1.0P)
C6 14 0 47N
A16 [ 1 Din ] 2 20 [ 16 ] STATEA20
.MODEL STATEA20 d state( clk delay=1n reset delay=1n
+ state file=sin.txt reset state=0 input load=1p clk load=1p
+ reset load=1p)
A16 Din 1 [ 1] [ 1 Din] A2D
.MODEL A2D adc bridge( in low=0.600
.END

Figure 7.5 Schematic and associated XSPICE netlist for the sine-wave generator using
a state machine model.

performed using an identical circuit, but the input voltage was 28 V, as
opposed to 24 V in the first simulation. The output voltages of both sim-
ulations are shown in the graph of Fig. 7.9. These two simulations show
two major drawbacks of this simple circuit. The first is the relatively
high output impedance that results from the output filter. The second
is the inability to regulate the output voltage against input voltage
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Selected from Output File
Fourier analysis for v(12):
No. Harmonics: 10, THD: 0.264578 %, Gridsize: 200, Interpolation Degree: 1

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED
NO (HZ) COMPONENT COMPONENT (DEG) PHASE (DEG)

1 4.00E+02 1.06E+00 -4.37E+01 1.00E+00 0.00E+00
2 8.00E+02 1.77E-03 -1.94E+01 1.67E-03 2.43E+01
3 1.20E+03 9.58E-04 -1.60E+02 9.03E-04 -1.17E+02
4 1.60E+03 6.71E-04 2.45E+01 6.33E-04 6.82E+01
5 2.00E+03 1.65E-03 6.69E+01 1.56E-03 1.11E+02
6 2.40E+03 4.15E-04 1.29E+01 3.91E-04 5.66E+01
7 2.80E+03 5.52E-04 1.53E+02 5.21E-04 1.96E+02
8 3.20E+03 3.43E-04 -6.41E-02 3.23E-04 4.36E+01
9 3.60E+03 2.49E-04 -7.86E+00 2.35E-04 3.58E+01

1

500U 1.50M 2.50M 3.50M 4.50M

Time in Secs

1.95

949M
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Figure 7.6 Fourier analysis text output (top) and transient response (bottom) of the sine
ROM circuit in Fig. 7.5.

changes. The circuit is still useful; however, it should be restricted to
applications where the input voltage is stabilized (or the regulation
of the output is not a concern) and the load is relatively static. Such
applications may include ballasts, motors, and lamps.

Improving the sine-wave power circuit

Both of the weaknesses of the simple circuit shown in Fig. 7.7 can be eas-
ily overcome. The circuit in Fig. 7.10 uses a sine reference voltage, V(5),



DC-to-AC Conversions 161

CLK Q 

Q - 

S R 

D 

X1 FFLOP

R1 4.7K

C1
47N

V1
PULSE

V2
SIN

R4
1MEG

V(1)
OUT

R5
47K C2

8.2N

V(15)
Q

B1

V(7)
FLTR1

X2 XFMR-TAP

X4
SWITCH

V3
28

L1
10M

C3
1U

R6
200

V(13)

X3
SWITCH

B3

B4

R7
200

X5
SWITCH

V4

V=V(15) > 0 ? 10 : 0

V=V(14) > 0 ? 10 : 0

V=(V(5)-V(7)) > 0 ? 2.5 : -2.5 

4

6 14

15 7

5

1

188

10

12

2

13

3

16

17

Figure 7.7 A push-pull converter driven by the state machine based sine ROM.

UPS:
.PROBE
.TRAN 9.766U 10M UIC
.FOUR 400HZ V(13)
∗ V(1)=OUT
∗ V(15)=Q
∗ V(7)=FLTR1
.PRINT TRAN V(1) V(15) V(7) V(13)
V4 17 0 PWL 0 10 3.125M 10 3.15M 0
EB1 6 0 Value={ IF ( (V(5)-V(7)) > 0 , 2.5 , -2.5 ) }
C2 1 0 8.2N IC=0
C3 13 0 1U
R1 15 7 4.7K
EB3 12 0 Value={ IF ( V(14) > 0 , 10 , 0 ) }
EB4 2 0 Value={ IF ( V(15) > 0 , 10 , 0 ) }
R4 5 0 1MEG
R5 7 1 47K
R6 13 0 200
R7 13 16 200
L1 18 13 10M
X1 4 6 0 0 14 15 FFLOPZero
X2 18 0 8 11 10 XFMR-TAP Params: RATIO=.1
X3 8 0 12 SWITCH
V1 4 0 PULSE -2.5 2.5 10N 10N 10N 5U 9.766U
X4 10 0 2 SWITCH
V2 5 0 SIN 0 1.5 400
X5 16 0 17 SWITCH
V3 11 0 DC=28
C1 7 0 47N IC=0
.END

Figure 7.8 Output of the push-pull converter of Fig. 7.7.
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Figure 7.9 Output of the push-pull converter using 24- and 28-V inputs.
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UPS2: USE THE SINE REFERENCE AND COMPARE IT WITH VOUT
.PROBE
.TRAN 9.766U 10M UIC
.FOUR 400HZ V(13)
∗ V(1)=OUT
∗ V(15)=Q
∗ V(7)=FLTR1
.PRINT TRAN V(1) V(15) V(7) V(13)
R1 15 7 4.7K
C1 7 0 47N IC=0
V1 4 0 PULSE -2.5 2.5 10N 10N 10N 5U 9.766U
V2 5 0 SIN 0 1.5 400
R4 5 0 1MEG
R5 7 1 47K
C2 1 0 8.2N IC=0
EB1 6 0 Value={ IF ( (V(5)-V(19)) > 0 , 2.5 , -2.5 ) }
X2 18 0 8 11 10 XFMR-TAP Params: RATIO=.1
X4 10 0 2 SWITCH
V3 11 0 24
L1 18 13 10M
C3 13 0 1U
R6 13 0 200
X3 8 0 12 SWITCH
EB3 12 0 Value={ IF ( V(14) > 0 , 10 , 0 ) }
EB4 2 0 Value={ IF ( V(15) > 0 , 10 , 0 ) }
R7 13 16 200
X5 16 0 17 SWITCH
V4 17 0 PWL 0 10 3.125M 10 3.15M 0
R8 13 19 161K
R9 19 0 1.5K
C4 13 19 220P
X1 4 6 0 0 14 15 FFLOPZero
.END

Figure 7.10 Schematic and netlist for the push-pull converter with improved regulation.
B1 compares the sine-wave reference with the output voltage.
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Figure 7.11 Output of the improved push-pull converter.

and compares it with the actual output voltage, V(19). This approach
uses the same algorithm that we used to create the reference which
stabilized the output voltage. The result is greatly improved regulation
with respect to both line and load changes.

The output voltage is now sensed by R8, R9, and C4. The purpose of
C4 is to cancel one of the two poles of the output filter. The comparator,
EB1, now compares the sine-wave reference to the output of the power
stage rather than the output of the flip-flop (V(7)), as in Fig. 7.7. The
results are shown in Fig. 7.11.

Note the drastic improvement in the dynamic transient response.
The waveform is no longer highly distorted as a result of the transient.
Also note that the spike that was created by the load switching is much
smaller and recovers more quickly. The results also demonstrate the
improved regulation against line changes. As in the previous circuit,
the input voltage was simulated at 24 and 28 V. The improved circuit is
useful in applications in which the output regulation and/or waveform
are important.

Powering Nonlinear Loads

One of the greatest problems with DC-to-AC converters is the nonlinear
load. The nonlinear load is often a rectifier circuit, which may be found
in most power supplies. A typical example is the power supply that is
used in a personal computer. If the DC-to-AC converter is used as a
UPS for a personal computer, it is likely that the power supply input
circuit will contain a simple rectifier and filter. The circuits in Fig. 7.12
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UPS3: TO POWER A NON-LINEAR LOAD
.TRAN 9.766U 10M UIC
.FOUR 400HZ V(13)
.PROBE
∗ V(1)=OUT
∗ V(15)=Q
∗ V(7)=FLTR1
.PRINT TRAN V(1) V(15) V(7) V(3)
R1 15 7 4.7K
C1 7 0 47N IC=0
V1 4 0 PULSE -2.5 2.5 10N 10N 10N 5U 9.766U
V2 5 0 SIN 0 1.5 400
R4 5 0 1MEG
R5 7 1 47K
C2 1 0 8.2N IC=0
EB1 6 0 Value={ IF ( (V(5)-V(7)) > 0 , 2.5 , -2.5 ) }
X2 18 0 8 11 10 XFMR-TAP Params: RATIO=.1
X4 10 0 2 SWITCH
V3 11 0 24
L1 18 3 10M
C3 3 0 1U
X3 8 0 12 SWITCH
EB3 12 0 Value={ IF ( V(14) > 0 , 10 , 0 ) }
EB4 2 0 Value={ IF ( V(15) > 0 , 10 , 0 ) }
X6 3 0 9 13 KBPC806
C5 9 13 1M IC=140
R10 9 13 150
X1 4 6 0 0 14 15 FFLOPZero
.END

Figure 7.12a Schematic and netlist of the push-pull converter driving a nonlinear load.
Original configuration similar to Fig. 7.7.
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UPS4: TO POWER A NON-LINEAR LOAD
.TRAN 9.766U 10M UIC
.FOUR 400HZ V(13)
.PROBE
∗ V(1)=OUT
∗ V(15)=Q
∗ V(7)=FLTR1
.PRINT TRAN V(1) V(15) V(7) V(3)
R1 15 7 4.7K
C1 7 0 47N IC=0
V1 4 0 PULSE -2.5 2.5 10N 10N 10N 5U 9.766U
V2 5 0 SIN 0 1.5 400
R4 5 0 1MEG
R5 7 1 47K
C2 1 0 8.2N IC=0
EB1 6 0 Value={ IF ( (V(5)-V(19)) > 0 , 2.5 , -2.5 ) }
X2 18 0 8 11 10 XFMR-TAP Params: RATIO=.1
X4 10 0 2 SWITCH
V3 11 0 24
L1 18 3 10M
C3 3 0 1U
X3 8 0 12 SWITCH
EB3 12 0 Value={ IF ( V(14) > 0 , 10 , 0 ) }
EB4 2 0 Value={ IF ( V(15) > 0 , 10 , 0 ) }
R8 3 19 161K
R9 19 0 1.5K
C4 3 19 220P
X6 3 0 9 13 KBPC806
C5 9 13 1M IC=140
R10 9 13 150
X1 4 6 0 0 14 15 FFLOPZero
.END

Figure 7.12b Schematic and netlist of the push-pull converter driving a nonlinear load.
Improved configuration similar to Fig. 7.10.
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Figure 7.13 Simulation results of the circuits in Figs. 7.12b (waveform 1) and 7.12a (wave-
form 2).

demonstrate the behavior of both the original circuit (Fig. 7.7) and the
improved circuit (Fig. 7.10) when they are used to power a nonlinear
load.

The upper trace shows the result of our improved circuit, while the
lower trace shows the results of the original circuit. Both of the sim-
ulations resulted in the same peak output amplitude, which has been
reduced to 142 V as a result of the high current demand by the nonlin-
ear load. The major difference between the two circuits is the output
wave shape. The improved circuit maintains the sinusoidal wave shape
throughout the waveform, with the exception of the flattened peaks.
The original circuit produces a square wave as a result of the unloaded
condition that occurs throughout the waveform except at the peaks. The
end result is a major difference in the RMS amplitude (108 and 127 V,
respectively). The increased RMS voltage of the original circuit can eas-
ily cause the saturation of transformers within the load. The increased
RMS voltage may also stress other components which are sensitive to
the RMS content of the load.

Three-Phase Sine Reference

The circuit example in Fig. 7.14 demonstrates a three-phase sine-wave
reference using the mixed-mode simulation techniques. A six-stage shift
register is used to generate three quasi-square waves that are exactly
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Figure 7.14 Schematic and netlist for a three-phase sine-wave reference.
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3PHASE: A THREE PHASE SINE WAVE
.PROBE
.TRAN 1U 7M ; UIC
.FOUR 500HZ V(32)
∗ V(3)=Q1
∗ V(1)=Q2
∗ V(2)=CLK
∗ V(32)=A
∗ V(24)=B
∗ V(30)=C
.PRINT TRAN V(3) V(1) V(2) V(32)
.PRINT TRAN V(24) V(30) V(33)
V4 22 0 DC=-15
X6 2 9 0 0 12 13 FFLOPFive
V5 21 0 DC=15
C3 16 0 1200P
X7 18 16 18 15 22 UA741
R1 3 14 380K
V6 23 0 DC=-15
X8 19 20 19 21 23 UA741
C4 14 18 2200P
R2 1 14 380K
V7 28 0 DC=15
X9 26 27 26 28 29 UA741
C5 32 0 1500P
V8 29 0 DC=-15
C6 20 0 1200P
R4 14 16 190K
C7 25 19 2200P
R5 18 32 190K
C8 24 0 1500P
R6 33 25 380K
C9 27 0 1200P
R7 7 25 380K
R8 25 20 190K
R9 19 24 190K
X1 2 8 0 0 5 3 FFLOPFive
R10 9 31 380K
X2 2 3 0 0 6 1 FFLOPFive
R11 13 31 380K
X3 2 1 0 0 8 33 FFLOPFive
C10 31 26 2200P
R12 31 27 190K
X4 2 33 0 0 10 7 FFLOPFive
V2 2 0 PULSE 0 5 100N 10N 10N 100U 333.33U
C11 30 0 1500P
R13 26 30 190K
V3 15 0 DC=15
X5 2 7 0 0 11 9 FFLOPFive
.END

Figure 7.14 (Continued )
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FOURIER COMPONENTS OF TRANSIENT RESPONSE V(32)

DC COMPONENT = 2.475499E+00

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED
NO (HZ) COMPONENT COMPONENT (DEG) PHASE (DEG)
1 5.000E+02 1.430E+00 1.000E+00 2.003E+01 0.000E+00
2 1.000E+03 1.102E-03 7.704E-04 8.055E+01 4.049E+01
3 1.500E+03 3.476E-04 2.430E-04 1.483E+02 8.822E+01
4 2.000E+03 8.351E-04 5.839E-04 -9.185E+01 -1.720E+02
5 2.500E+03 4.363E-03 3.051E-03 -3.703E+00 -1.038E+02
6 3.000E+03 4.820E-04 3.370E-04 1.227E+02 2.568E+00
7 3.500E+03 4.187E-03 2.928E-03 -7.488E+01 -2.151E+02
8 4.000E+03 7.734E-04 5.408E-04 8.985E+01 -7.038E+01
9 4.500E+03 3.807E-04 2.662E-04 1.590E+02 -2.129E+01

TOTAL HARMONIC DISTORTION = 4.398894E-01 PERCENT
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Figure 7.15 Fourier result (top) and digital signals (bottom) showing a single phase.

120◦apart. Each quasi-square wave has a conduction angle of 120◦. The
120◦ quasi-square waveform has the advantage of having no third har-
monic content. Each quasi-square wave is filtered by a second-order
active low-pass filter. The quasi-square waves are created by averaging
two square waves that are phase shifted by 60◦.

The Fourier results from the output file are shown in Fig. 7.15. Note
that as a result of the quasi-square waveform, the first significant
harmonic is the fifth harmonic. The sine-wave output distortion can be
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Figure 7.16 Results for the three-phase sine-wave reference circuit in Fig. 7.14.

further reduced by using a higher order active filter (which will re-
duce the corner frequency of the existing filters) or replacing the quasi-
square waveform with a more sophisticated waveform in order to elim-
inate several additional harmonics.

Care must be taken in the placement of the filters, because component
tolerances can easily alter the angles between phases. A Monte Carlo
simulation can be performed to analyze the effect of component toler-
ances on the phase angles (and amplitudes) of the sine-wave outputs.
The resulting filtered sine-wave output is shown in Fig. 7.16.

An improved stepped waveform

The circuit in Fig. 7.17 demonstrates another stepped waveform. Al-
though the 120◦ conduction angle of the circuit in Fig. 7.14 eliminated
the third harmonic, this waveform can eliminate all harmonics up to the
eleventh harmonic. Resistors R1 through R5 form a “cheap and dirty”
D/A converter, while the amplifier circuit is configured as a bandpass fil-
ter. This circuit can be used as a reference circuit but is also widely used
in power stages. When used in a power stage, the stepped waveform is
generally created by summing the outputs of several transformers, each
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STAIR SINE.CIR
.TRAN 1u 10m 5m UIC
.FOUR 500 v(18)
.PROBE
C2 28 0 .1U
VCC 1 0 DC=15
VEE 2 0 DC=-15
C3 15 7 .1U
R1 7 8 86.6K
C4 7 18 .1U
R2 7 14 150K
V7 4 0 PULSE 0 5 0 .1U .1U 83.33U 166.66U
R3 7 5 75K
V8 28 0 PULSE 0 5
R4 7 3 86.6K
R5 7 20 150K
X26 28 14 6 14 8 8 5 0 4 3 5 20 3 20 21 28 74174
R8 15 18 20K
X27 21 6 28 0 CD4049UB
R9 7 0 500
X3 15 0 18 1 2 FETAMPL Params: GAIN=1k FT=1meg VOS=1m
.END

Figure 7.17 Schematic and netlist for an improved stepped waveform.

of which is driven by a separate phase-shifted power converter. The
resulting stepped waveform is shown in Fig. 7.18. The simulated result
is the top waveform while the measured result is the bottom waveform.
The filtered sine-wave output is shown in Fig. 7.19.
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Figure 7.18 Measured and simulated unfiltered output (node 7 with filter
disconnected).
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Figure 7.19 Filtered output (node 7 with filter connected).

Harmonic Neutralized Full-Bridge Inverter

There are many other configurations and bit patterns that can greatly
reduce the harmonic content of a power train. The schematic in Fig.
7.20 demonstrates a full-wave half-bridge circuit that minimizes the
harmonic content up to the ninth harmonic. In this circuit an XSPICE
PWLGEN model is used to simulate the contents of a ROM. The
PWLGEN model reads a text file that is a continuous PWL statement.
The model allows the waveform to be repeating (see Fig. 7.21). Although
not an advantage in this case, one of the benefits of the PWLGEN model
is that an arbitrary waveform can be generated, whereas the state ma-
chine model in Fig. 7.5 is limited to a digital value (1 or 0). PSpice
supports a repeating PWL statement with points stored in a file, e.g.,
“V3 5 0 PWL REPEAT FOREVER FILE DATA1.TAB ENDREPEAT”
as seen in the netlist. The output switches, which are generally either
MOSFETs or IGBTs, are simulated using switches in order to simplify
and speed up the simulation. A measurement was made on a prototype
of the full-bridge inverter for comparison with the simulated results.
A spectrum analysis plot was also made from the prototype, and the
result is shown in Fig. 7.22.
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64 Sample Sine Inverter 2.cir – PSPICE Netlist
.TRAN .5u 30m 10m 1u
.OPTIONS ITL1=500 ITL4=500 GMIN=1N RELTOL=.01
.FOUR 400 v(1,3)
.PROBE
S1 25 10 ph1 0 S1 mod
.MODEL S1 mod VSWITCH VT=3 VH=.1 RON=.02 ROFF=1meg
S2 10 0 ph4 0 S1 mod
S3 25 3 ph2 0 S1 mod
S4 3 0 ph3 0 S1 mod
X2 15 ph4 INVD
X3 ph4 ph1 INVD
X4 ph3 ph2 INVD
Rph1 ph1 0 1G
Rph4 ph4 0 1G
Rph2 ph2 0 1G
L3 10 7 26m
C1 1 11 1.8u
D1 0 3 MUR815
R4 1 3 26
VPWL 15 0 PWL REPEAT FOREVER FILE 64s.txt ENDREPEAT
V2 25 0 DC=160
R7 11 3 .1
D2 0 10 MUR815
D3 10 25 MUR815
D4 3 25 MUR815
EB1 BITS 0 Value={ V(10,3) }
RBITS BITS 0 1G
V3 ph3 0 PULSE 0 5 0 .1u .1u 1.25m 2.5m
C2 7 1 6.8u
.END

Figure 7.20 Harmonic neutralized full-bridge inverter schematic and netlist (XSPICE
and PSpice versions).
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64 Sample Sine Inverter 2.cir – XSPICE Netlist
.TRAN .5u 30m 10m 10u UIC
.FOUR 400 v(1,3)
.OPTIONS abstol=1E-8 itl4=1000 method=TRAP
.OPTIONS gmin=10n reltol=0.005
.PRINT TRAN V15
.PRINT TRAN bits
.PRINT TRAN Y8
S1 25 10 ph1 0 S1 mod
.MODEL S1 mod SW VT=3 VH=.1 RON=.02 ROFF=1meg
S2 10 0 ph4 0 S1 mod
S3 25 3 ph2 0 S1 mod
S4 3 0 ph3 0 S1 mod
A2 15 Din ph4 Dout INVERTERA2
A3 ph4 Din ph1 Dout INVERTERA3
A4 ph3 Din ph2 Dout INVERTERA4
L3 10 7 26m
C1 1 11 1.8u
D1 0 3 MUR815
R4 1 3 26
A1 15 PWLGENA1
.MODEL PWLGENA1 vsrc pwl( input file=64s.txt repeat=TRUE)
V2 25 0 DC=160
R7 11 3 .1
D2 0 10 MUR815
D3 10 25 MUR815
D4 3 25 MUR815
B1 2 0 V=v(10,3)
V3 ph3 0 PULSE 0 5 0 .1u .1u 1.25m 2.5m
C2 7 1 6.8u
.END

Figure 7.20 (Continued )

Harmonic Neutralized Half-Bridge Inverter

In a similar fashion, many of the harmonics can be eliminated in a
half-bridge configuration (see Fig. 7.23). Using a 128-bit digital pattern,
most of the third, fifth, and seventh harmonics can be minimized (see
Fig. 7.24). The ninth harmonic, however, is substantially larger than
that of the full-bridge configuration or even larger than a square wave.
Fortunately, the ninth harmonic is easily minimized by the output filter,
though the result is not as good as that of the full-bridge circuit. Higher
bit counts could further reduce the harmonic content.

The half-bridge configuration is often used in three-phase trans-
formerless conversions, where a full-bridge circuit is not possible. The
half-bridge configuration is also generally much less expensive because
it uses half the number of MOSFETs and drivers.

The output voltage is generally regulated by controlling the DC input
that feeds the half-bridge circuit.
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FOURIER COMPONENTS OF TRANSIENT RESPONSE V(1,3)

DC COMPONENT = -1.955657E-03

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED
NO (HZ) COMPONENT COMPONENT (DEG) PHASE (DEG)
1 4.000E+02 1.620E+02 1.000E+00 -6.901E+00 0.000E+00
2 8.000E+02 9.838E-02 6.072E-04 -2.742E+01 -1.362E+01
3 1.200E+03 2.878E-01 1.776E-03 1.033E+02 1.240E+02
4 1.600E+03 7.250E-02 4.475E-04 -1.498E+02 -1.222E+02
5 2.000E+03 1.002E-01 6.185E-04 6.752E+01 1.020E+02
6 2.400E+03 4.970E-02 3.068E-04 1.647E+02 2.061E+02
7 2.800E+03 6.924E-02 4.274E-04 8.369E+01 1.320E+02
8 3.200E+03 2.986E-02 1.843E-04 1.192E+02 1.744E+02
9 3.600E+03 1.042E-01 6.434E-04 -6.238E+01 -2.784E-01

TOTAL HARMONIC DISTORTION = 2.197904E-01 PERCENT

Figure 7.21 Fourier and graphical result of the full-bridge inverter in Fig. 7.20.

Figure 7.22 Spectrum analysis result of the full-bridge inverter in Fig.
7.20.
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128 Bit Half Bridge
.TRAN .5u 15m 10m 1u UIC
.FOUR 400 v(5) v(8)
.OPTIONS abstol=1E-8 itl4=1000 method=TRAP
.OPTIONS gmin=1E-9 icstep=40
.PRINT TRAN output
.PRINT TRAN V 7x
L1 8 4 25m
C1 4 5 6.8u
C2 5 0 1.8u
R1 5 0 26
X1 2 CLK Params: FREQ=51.2k DUTY=50
S1 7 8 ph1 0 S1 mod
.MODEL S1 mod SW VT=3 VH=.1 RON=.02 ROFF=1meg
V1 1 0 DC=0
S2 8 0 ph4 0 S1 mod
V2 11 0 DC=320
R4 11 7 3
D2 0 8 MUR850
D3 8 7 MUR850
A3 ph1 Din ph4 Dout INVERTERA1
A13 20 L0 DefA5
A17 [ 16 ] [ ph1 ] D2A DefA8
A16 [ 1 Din ] 2 20 [ 16 ] STATEA20
.END

Figure 7.23 Harmonic neutralized half-bridge inverter schematic and netlist.
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Fourier analysis for v(5):
No. Harmonics: 10, THD: 0.929872 %, Gridsize: 200, Interpolation Degree:1

Harmonic Frequency Magnitude Phase Norm. Mag Norm. Phase

-------- --------- --------- ----- --------- -----------

0 0 0.000802049 0 0 0

1 400 69.0061 -6.8934 1 0

2 800 0.00413678 17.1877 5.99481e-005 24.0811

3 1200 0.152741 86.0766 0.00221344 92.97

4 1600 0.00195197 46.8701 2.8287e-005 53.7635

5 2000 0.0586701 76.1783 0.000850217 83.0717

6 2400 0.0015346 64.6708 2.22386e-005 71.5643

7 2800 0.0260316 -108.27 0.000377237 -101.38

8 3200 0.00110158 79.6249 1.59635e-005 86.5184

9 3600 0.61989 69.068 0.00898312 75.9614

Figure 7.24 Fourier and graphical results of the full-bridge inverter in Fig. 7.23.
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Figure 7.25 Fourier and graphical results of the full-bridge inverter.



PWM Inverter.cir
.TRAN .5u 15m 5m 1u UIC
.FOUR 400 v(15) v(16) v(15,bout)
.PROBE
∗ V(4) SD
∗ V(8) sinb
∗ V(15) sina
C2 8 0 8.2N
R1 14 negV 10k
C1 0 ramp 2200p
V1 6 0 DC=15
V2 negV 0 DC=-15
R2 10 5 10k
R3 6 5 10k
R4 10 negV 10k
R5 11 9 10
R6 12 9 10
R7 11 negV 10k
R8 6 12 10k
V4 13 0 SIN 0 4.5 400
V3 4 negV PULSE 0 3m 150u
X2 5 ramp 10 aout negV 6 bout ramp 12 ramp 11 2 2 4 13 9 9 14 UC1637
R9 bout 18 4.7K
R12 18 8 47K
C3 18 0 47N
C5 15 0 8.2N
R10 aout 16 4.7K
R11 16 15 47K
C6 16 0 47N
.END

Figure 7.25 (Continued )
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Figure 7.26 PWM inverter simulation results.
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PWM Inverter

A PWM inverter compares a control voltage with a triangle waveform,
which is at the switching frequency. The switching frequency is much
higher than the fundamental output frequency. Integrated circuit de-
vices such as the UC3637 offer all the functions required, including a
variable dead time control to avoid overlapping of the upper and lower
switches. This controller is often used in motor control applications,
but it can also be used for audio switching amplifiers, ultrasonics, or
UPS applications. A simple example is shown in Fig. 7.25, with the
simulation results shown in Fig. 7.26. A very low switching frequency
is used in this example in order to provide a visual representation of
the switched output. A simple two-stage RC filter is used to filter the
output. In a typical application, the output filter would be an LC filter
and UC3637 would be used to drive a power stage.

PWM amplifiers are also available as hybrid devices and more re-
cently as monolithic integrated circuit devices. In these devices, the
entire control circuit and output stage are contained in a very small
package. A good example of this type of device is the SA12 device, which
is manufactured by Apex. Apex also provides SPICE model support for
these devices.
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Chapter

8
Power Factor Correction

There has been a growing interest in power factor correction (PFC).
In fact, the European Union implemented a directive, EN61000-3-2,
which controls the harmonic content and power factor of many prod-
ucts that are sold to European countries. There are several important
reasons for this control. Poor power factor results in reduced efficiency,
which increases the cost of electricity. More importantly, many devices
suffer from harmonically rich waveforms. A good example of this is
motors, which may overheat as a result of harmonics. In the case of
three-phase motors the harmonics can result in significant neutral cur-
rent, which can also result in overheating and ultimately in motor
failure.

Typical switching power supplies rectify the input power and uti-
lize a capacitor filter in order to provide a DC bus voltage. The typical
power factor of such a conversion is approximately 0.6. Linear regu-
lated power supplies generally use a transformer to step down the AC
input voltage and rectify the secondary voltage and then utilize a capac-
itor filter to create the DC voltage to the input of the regulator stage.
The transformer improves the power factor of the input just slightly
from the typical switching power supply. Phase-controlled power sup-
plies utilize either SCRs or triacs to control the conduction angle of the
input, which is then filtered using an LC-type filter. This can result
in a power factor that is even lower than the typical switching power
supply.

Power factor (PF) is defined as the ratio of watts to volt-amperes:

PF = watts
volts × amperes

183
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1
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R2
.1

PFC1.Cir
.PROBE
.TRAN 10u 104m 54m .1m UIC
.FOUR 60 I(v1)
X1 2 1 4 0 KBPC810
V1 2 1 SIN 0 165 60
C1 4 3 1000uF IC=100
R1 4 0 150
R2 3 0 0.1
.END

Figure 8.1 Single-phase rectifier filter schematic and netlist.

Single-Phase Transformer Rectifier

Figure 8.1 shows a typical single-phase rectifier filter circuit. The re-
sults of the input current, input voltage, and input watts are shown in
Fig. 8.2.

In this example the power factor is calculated as

PF = 175.45
3.501 × 116.75

= 0.429

The power factor is largely dependent on the input source impedance
and the characteristics of the output capacitor. The poor power factor
also results in a very rich harmonic content of the input current. The
spectral plot is shown in Fig. 8.3.

If the single-phase circuit were to have an LC output filter rather
than a capacitor filter, the input current would have a much larger
conduction angle. In the extreme case, where an infinite inductance
would be present, the conduction angle would be 180◦ for each rectifier
and the input current would approach a square wave. In this case the
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Figure 8.2 Single-phase rectifier filter waveforms.
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Figure 8.3 Single-phase rectifier filter input current spectrum.
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power factor would increase to unity and the input current harmonic
content would be that of a square wave

Iharmonic = Ifundamental

harmonic number

for the odd harmonics.

Three-Phase Transformer Rectifier

There are many configurations of three-phase rectifiers. In the simplest
case a full-wave rectifier is used in conjunction with a single three-
phase bridge rectifier. The resulting ripple frequency is six times the
input AC frequency and the power factor is generally approximately 0.7.
A better configuration, using both delta and wye secondaries, results
in a ripple frequency that is 12 times the AC frequency. The power
factor of this configuration is approximately 0.8. More sophisticated
approaches utilize even more secondaries in order to produce higher
ripple frequencies and better power factor. An example of a three-phase
delta-wye configuration is shown in Fig. 8.4.

The results in Fig. 8.5 show the input voltage, input current, and out-
put voltage for the three-phase delta-wye rectifier. The ripple frequency
is 12 times the input frequency, and the power factor is approximately
0.82. The harmonic content is greatly reduced compared with that of
a single-phase rectifier circuit, as can be seen in the Fourier results
below.

FOURIER COMPONENTS OF TRANSIENT RESPONSE I(VA)

DC COMPONENT = 6.282716E-02

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED
NO (HZ) COMPONENT COMPONENT (DEG) PHASE (DEG)
1 6.000E+01 3.974E+01 1.000E+00 -1.771E+02 0.000E+00
2 1.200E+02 5.768E-02 1.451E-03 -1.277E+02 2.266E+02
3 1.800E+02 1.352E+01 3.401E-01 8.444E+00 5.399E+02
4 2.400E+02 3.121E-02 7.854E-04 -7.946E+01 6.291E+02
5 3.000E+02 4.405E-01 1.108E-02 4.597E+00 8.903E+02
6 3.600E+02 1.389E-01 3.496E-03 2.320E+01 1.086E+03
7 4.200E+02 4.967E-01 1.250E-02 1.796E+02 1.420E+03
8 4.800E+02 1.634E-01 4.111E-03 -1.346E+02 1.283E+03
9 5.400E+02 4.799E+00 1.208E-01 2.251E+01 1.617E+03

TOTAL HARMONIC DISTORTION = 3.613245E+01 PERCENT
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.PRINT TRAN V(19)
.PRINT TRAN V(24)

Figure 8.4 Three-phase delta-wye rectifier filter and netlist.



.PRINT TRAN V(23)
V1 1 A
X2 18 B 12 0 13 XFMR-TAP Params: RATIO=.577
X6 B C 14 0 15 XFMR-TAP Params: RATIO=.577
X7 C A 16 0 17 XFMR-TAP Params: RATIO=.577
R1 19 0 10
X3 1 0 5 7 6 XFMR-TAP Params: RATIO=1
X4 B 0 8 7 9 XFMR-TAP Params: RATIO=1
X5 C 0 10 7 11 XFMR-TAP Params: RATIO=1
L1 20 19 5000u
V5 A 18
C1 19 0 100u
V2 A 0 SIN 0 163 60 0
V3 C 0 SIN 0 163 60 11.111m
V4 B 0 SIN 0 163 60 5.555m
D16 17 7 DN1188
D17 5 20 DN1188
D18 6 20 DN1188
D19 8 20 DN1188
D20 9 20 DN1188
D21 10 20 DN1188
D22 11 20 DN1188
D23 12 7 DN1188
D24 13 7 DN1188
D25 14 7 DN1188
D26 15 7 DN1188
D27 16 7 DN1188
.END

Figure 8.4 (Continued )
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Figure 8.5 Three-phase delta-wye rectifier filter waveforms.
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The requirements of EN61000-3-2 dictate a much higher power factor
and reduced harmonic content. These requirements are generally met
by use of active power factor correction. Active power factor correction
utilizes electronics to force the input current to look like a reflection
of the input voltage (i.e. resistive). The result of this type of correction
typically results in power factor of greater than 0.98 and harmonic
distortion of less than 3%.
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Flyback PFC Transient.Cir
.PROBE
.TRAN 1U 20m 0 5u UIC
.FOUR 60 I(V1)
R2 vout 0 7.5
R3 3 32 1m
L1B 2 32 100u
V4 2 10
X1 10 6 0 IRFBC30
D2 1 11 40EPS08
V1 7 19 DC=163 SIN 0 163 60
C2 vout 13 2500u IC=28
C1 vout 14 2500u IC=28
V3 11 vout
R4 13 0 20m
R5 14 0 20m
X4 8 19 3 0 KBPC808
X3 32 2 0 1 XFMR Params: RATIO=.15
C7 8 19 .47u
L3 7 8 1m
V9 5 0 PULSE 0 12 0 .01u .01u 4u 10u
R10 5 6 4.7
.END
Figure 8.6 Discontinuous flyback power factor corrector and netlist.



190 Chapter Eight

Discontinuous Flyback Power Factor Corrector

The discontinuous flyback converter is the simplest topology that can
be used to provide power factor correction. The peak input current of
the discontinuous flyback converter, with a fixed duty cycle and fixed
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FOURIER COMPONENTS OF TRANSIENT RESPONSE I(V1)

DC COMPONENT = -3.182485E-04

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED

NO (HZ) COMPONENT COMPONENT (DEG) PHASE (DEG)

1 6.000E+01 1.351E+00 1.000E+00 -1.070E+02 0.000E+00

2 1.200E+02 7.732E-05 5.725E-05 9.343E+01 3.074E+02

3 1.800E+02 6.267E-03 4.640E-03 -1.408E+02 1.801E+02

4 2.400E+02 4.218E-04 3.123E-04 -8.227E+00 4.197E+02

5 3.000E+02 5.012E-03 3.711E-03 -8.097E-01 5.341E+02

6 3.600E+02 1.544E-04 1.143E-04 -1.407E+02 5.012E+02

7 4.200E+02 2.933E-03 2.171E-03 1.147E+02 8.636E+02

8 4.800E+02 1.761E-04 1.304E-04 -5.726E+01 7.986E+02

9 5.400E+02 2.073E-03 1.535E-03 -9.416E+01 8.687E+02

TOTAL HARMONIC DISTORTION = 6.519727E-01 PERCENT

Figure 8.7 Discontinuous flyback power factor corrector waveforms and Fourier results.
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.TRAN 2u 20m 0 UIC
.PROBE
.OPTION ITL4=2500 GMIN=1n ABSTOL=.01u VNTOL=10u RELTOL=.01
.FOUR 60 I(V1)
X2 5 0 6 32 2 FLYBACK Params: L=100u NC=1 F=100k EFF=1 RB=1m
E1 6 0 9 2 1k
R3 3 5 1m
D2 1 11 40EPS08
V1 7 19 DC=163 SIN 0 163 60
C2 12 13 500u ; IC=50
R1 vout 4 1m
L4 12 vout 1u
C1 vout 14 500u
V3 11 12
R4 13 0 20m
R5 14 0 20m
X4 8 19 3 0 KBPC808
V2 9 0 DC=.41
X3 32 0 1 0 XFMR Params: RATIO=.15
C7 8 19 .47u
L3 7 8 1m
V8 4 0 DC=28
.END

Figure 8.8 State space flyback power factor corrector schematic and netlist.

frequency, is defined by

Ipk = Vin

Lpri
ton

And the average current is related to the peak current as

Iavg = Ipk

2
× Duty
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Figure 8.9 Discontinuous flyback power factor corrector results.

By substitution,

Iavg = 1
2

Vin

Lpri
ton × Duty

If Lpri, ton, and duty are all fixed, then the average input current is
proportional to the input voltage, resulting in an ideal power factor
of unity. An example of the flyback power factor corrector is shown in
Fig. 8.6. The results are shown in Fig. 8.7.

The results show unity power factor and 0.652% total harmonic dis-
tortion. This is an ideal case and nonlinearities in the inductance, as
well as small variations in duty cycle and frequency, will increase the
distortion to some degree. However, this is a viable circuit, especially at
lower power levels. The limitations are generally related to the poor ra-
tio of peak to average current and utilization of the power transformer.
These are the same general issues that arise in the standard flyback
converter. The flyback power factor corrector can also be simulated us-
ing state space models as shown in Fig. 8.8. There are a few benefits to
using the state space model, including faster simulation times and the
ability to measure the loop gain response.
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.TRAN 1U 3.75m 1.25m .01u UIC
.PROBE
.FOUR 400 I(V1)
R2 vout 0 225
V2 2 9
R3 3 2 1m
L1B 1 9 100u
V4 1 10
EB3 16 0 Value={ IF(I(V2) > V(3)/26 , 5 , 0) }
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C2 vout 13 1000u IC=250
R1 2 0 10k
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R4 13 0 20m
X3 10 6 0 IXFH32N50
X4 8 19 3 0 KBPC808
EB1 5 0 Value={ IF(V(4) > 2.5 , 15 , 0) }
EB2 14 0 Value={ IF (I(V2) < 50m , 5 , 0) }
RT14 14 0 1G
X2 0 0 16 14 12 4 FFLOP
C7 8 19 1u
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R10 5 6 4.7
.END

Figure 8.10 Critical conduction boost power factor corrector and netlist.
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Figure 8.11 Critical conduction boost waveforms.
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Figure 8.13 Transient (steady state) simulation of a boost power factor corrector circuit
using a state space model of UC3854.

FOURIER COMPONENTS OF TRANSIENT RESPONSE I(V1)
DC COMPONENT = 9.193709E-06
HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED

NO (HZ) COMPONENT COMPONENT (DEG) PHASE(DEG)
1 4.000E+02 3.421E+00 1.000E+00 6.626E+00 0.000E+00
2 8.000E+02 1.849E-04 5.405E-05 1.742E+02 1.609E+02
3 1.200E+03 3.140E-02 9.178E-03 1.769E+02 1.570E+02
4 1.600E+03 2.670E-04 7.804E-05 -9.829E+01 -1.248E+02
5 2.000E+03 4.432E-03 1.296E-03 -1.743E+02 -2.075E+02
6 2.400E+03 6.726E-05 1.966E-05 6.698E+01 2.722E+01
7 2.800E+03 4.988E-03 1.458E-03 1.774E+02 1.310E+02
8 3.200E+03 9.157E-05 2.677E-05 -1.508E+02 -2.038E+02
9 3.600E+03 3.411E-03 9.971E-04 1.764E+02 1.168E+02

TOTAL HARMONIC DISTORTION = 9.436542E-01 PERCENT
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UC3854 State Space PFC.cir
.TRAN 1u 250m 230m 10u UIC
.PROBE
.FOUR 60 I(V2)
V1 1 Inm DC=90 SIN 0 150 60 0 0 0
X4 Inp Inm Vrect gnd KBPC808
C7 3 Inm 1u
L3 1 3 250u
C8 3 4 3u
R10 4 Inm 10
Rff1 Vrect 17 910k
Rff2 VRMS 0 18k
RAC Vrect IAC 680k
R4 IAC vref 170k
R6 out vsense 1meg
R11 0 pklmt 1.5k
X3 13 out HFA25TB60
V2 3 Inp
C1 VRMS 0 1u IC=1
X5 0 pklmt CAO Isense MOUT IAC VAOut VRMS vref vsense duty
+ UC3854Bs
R24 vsense VAOut 180k
RMO MOUT gnd 3.01K
C10 vsense VAOut .1u IC=0
C2 CAO Isense 62p IC=0
R7 0 Isense 3.01K R8 17 VRMS 100k
C4 17 0 .15u IC=7
R12 pklmt vref 6.2k
R19 vsense 0 8.2k
C9 Vrect 0 .01u
R23 0 gnd .1
X2 Vrect 0 43 0 duty PWMBST
C6 out 0 470u IC=375
R25 out 0 300
V13 43 13
.END

FOURIER COMPONENTS OF TRANSIENT RESPONSE I(V2)

DC COMPONENT = 1.039190E-04

HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED
NO (HZ) COMPONENT COMPONENT (DEG) PHASE (DEG)
1 6.000E+01 6.002E+00 1.000E+00 -1.343E-01 0.000E+00
2 1.200E+02 2.381E-04 3.967E-05 -5.550E+01 -5.523E+01
3 1.800E+02 1.400E-01 2.332E-02 -1.757E+02 -1.753E+02
4 2.400E+02 1.094E-04 1.822E-05 -7.497E+01 -7.443E+01
5 3.000E+02 3.560E-02 5.930E-03 -1.776E+02 -1.770E+02
6 3.600E+02 8.766E-05 1.460E-05 -8.850E+01 -8.770E+01
7 4.200E+02 2.760E-02 4.599E-03 -1.772E+02 -1.762E+02
8 4.800E+02 7.394E-05 1.232E-05 -1.015E+02 -1.004E+02
9 5.400E+02 2.400E-02 3.998E-03 -1.775E+02 -1.762E+02

TOTAL HARMONIC DISTORTION = 2.482531E+00 PERCENT
Figure 8.14 Boost power factor corrector results.



Power Factor Correction 197

1 i(l3) 2 product 3 difference

232m 236m 240m 244m 248m
Time in Secs

-720

-520

-320

-120

80.0

di
ffe

re
nc

e 
in

 v
ol

ts

0

1.00k

2.00k

3.00k

4.00k

pr
od

uc
t i

n 
w

at
ts

-19.0

-9.00

1.00

11.0

21.0

i(l
3)

 in
 a

m
pe

re
s

P
lo

t1

1

2

3

Input Voltage = 106 Vrms
Input Current 4.403 Arms

Input Power 466.6 Watts

3rd Harmonic Distortion 

Figure 8.14 (Continued )

Critical Conduction Power Factor Corrector

One of the major limitations of the boost converter is the output rectifier
diode. The diode must have a high enough voltage rating to support the
output voltage and is abruptly switched with the output current flowing
through it. This leads to a very high loss in both the rectifier and the
MOSFET switch. Technology is continuously working to improve these
high-voltage diodes; however, there is another option that is becoming
more widespread. This is the critical conduction boost PFC. The critical
conduction boost converter operates at the boundary of continuous and
discontinuous operation. This is achieved by the use of a zero-crossing
detector, which determines the point at which the inductor current has
reduced to near zero. At this point the MOSFET can be turned on with-
out a recovery effect in the output rectifier, significantly reducing the
losses in both the MOSFET and the diode. Critical conduction PFC
controllers are now available from several manufacturers. Two of
the most popular are the MC33262 from ON Semiconductor and the
TDA4863 from Infineon.

A simplified SPICE model of a critical conduction mode boost PFC is
shown in Fig. 8.10.

In this simulation the latch is set when the current in the inductor
falls to 50 mA. The latch is reset when the inductor current reaches a
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level that is proportional to the rectified input voltage (V(3)/26). The
switching waveforms are shown in Fig. 8.11, and the input voltage,
current, and power waveforms are shown in Fig. 8.12.

Boost Mode Power Factor Corrector

One of the most popular PFC topologies is the boost topology. The most
popular controllers for boost PFC circuits are the UC3854 series of high-
power factor preregulators, manufactured by Texas Instrument.

Although several attempts have been made to model the UC3854, I
have not seen any non–state space transient SPICE models available
for this device that function properly and give the right answers. This
is due primarily to the overall complexity of the device and the nature
of its operation, which results in very long simulation times at a fairly
high switching frequency rate. The need to simulate for multiple periods
results in a very large number of transient iterations or calculations.

The model used in the simulation shown in Fig. 8.13 is a state space
average model, included in the Power IC Model Library for Pspice and
available from AEi Systems (www.aeng.com). Even though the model
is created with state space techniques, you can perform many types of
transient analyses with it. Figure 8.14 shows the steady state input
voltage, current, power, and total harmonic distortion.

www.aeng.com


Chapter

9
Improving Simulation

Performance

SPICE is an evolving program. Software manufacturers are constantly
adding new features and extensions to enhance the program and its
interface. They are also striving to increase the simulation speed. The
arrival of more powerful processors and memory architectures has dra-
matically improved simulation speed. Despite these achievements, we
seem to be caught in an unending cycle. Hardware and software im-
provements allow more sophisticated modeling, which slows simula-
tion speed and demands increased processing power. Fortunately, the
end user has benefited greatly by this cycle. Just a few years ago,
a long transient cycle-by-cycle simulation of a SMPS was difficult if
not impractical. Today, most of these types of simulations, including
startup, line, and load transient tests, can be performed in a matter of
minutes.

This chapter provides information that will help you increase simu-
lation speed and productivity when using SPICE. Here are some basic
hints:

� Build models as your design progresses. Begin with simple models,
and make them only as complex as they need to be.

� Limit the complexity of the model to the parameters that you need
to measure. For example, if you are only performing DC mea-
surements, then you do not need to calculate the charge storage
parameters.

� Try to understand the features and limitations of the models that you
are using.

199

Copyright © 2006 by The McGraw-Hill Companies, Inc. Click here for terms of use. 



200 Chapter Nine

� Use the transient statement parameters and simulator options
effectively. The RELTOL option and the TMAX and TSTEP parame-
ters have dramatic effects on the speed of the simulation (see Chap.
10).

� Maximize the use of subcircuits. If, for example, you commonly use
series resistance for capacitors, create a subcircuit in order to hide its
complexity and provide faster schematic entry.

� Use state machine models, if the building block is available, in order
to simulate extensive digital (synchronous) circuits.

� Use UIC and initial conditions properly in order to reduce simulation
time by starting the simulation near the desired operating conditions.

Building Circuit Models

The most effective use of SPICE occurs during the development phase of
a project. Typical uses of SPICE during the early design stages might be
to evaluate high-level system specifications or very low level circuit con-
cepts such as the basic operating characteristics of key building blocks.
Very simple circuit representations and coarse tolerances may be used
at this point in order to quicken simulations and provide the desired
results.

Simplifying Your Models

Reduction of the model complexity is one of the simplest ways to pro-
vide dramatic speed improvements. As a general rule, you should model
only the circuit elements and functionality that are required for your
design. For example, if you are interested in evaluating the ripple
and switch currents of a power converter, you should not include the
control circuitry. The control circuitry does not enhance the simula-
tion, and its added circuit complexity will slow the simulation need-
lessly. MOSFETs or transistors can usually be replaced by simplified
representations such as switches or behavioral models. These first-
order models will have a negligible contribution to the simulation accu-
racy of the ripple voltage but will produce significant simulation speed
increases.

The following example uses the power stage of a SEPIC converter
in order to show the degree of improvement you may obtain by using
various .OPTIONS parameters. Eight simulations were performed with
different options and MOSFET representations. In one simulation, a
power MOSFET subcircuit model was used. In another simulation, a
simple switch (voltage-controlled resistor) subcircuit was used. Each
simulation ran for 2 ms (Tstop). The simulation time, peak-to-peak ripple
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Figure 9.1 Circuit using a switch (voltage-controlled resistor) subcircuit for the MOSFET
representation.

voltage, peak switch (or MOSFET) current, and the RMS switch (or
MOSFET) current were recorded.

SEPIC1.cir
.PROBE
.TRAN .2u 2m 1900u .1u UIC
.OPTIONS RELTOL=.001
C2 4 5 47U IC=24
C3 7 8 22U IC=24
R1 4 0 10
R2 5 0 .01
R3 8 2 2.2
R4 3 0 .1
L1 1 7 100U IC=2
L2 0 2 100U IC=3
X1 6 0 10 SWITCH
V1 1 3 DC=24
V2 7 6
D1 2 4 DN5811
V3 10 0 PULSE 0 15 .1U .1U .1U 5U 10U
C1 7 2 5U IC=24
.END

The circuit in Fig. 9.1 uses a switch subcircuit to represent the
MOSFET. The circuit in Fig. 9.2 is an identical circuit, but it contains
the MN6763 power MOSFET model.

All the simulations were performed with SPICE 3 on a 75-MHz Pen-
tium computer with 16 MB of RAM running under Windows 3.11 and
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with PSpice on a 3-GHz Pentium 4 with 2 GB of RAM running under
Windows XP. Needless to say, the 8 years between the first version of
this book and this version have seen a simulation speed increase (sim-
ulation time decrease) of over 40 times!

The results are as follows:

Switch Type Switch Subcircuit

RELTOL 0.001 0.01 0.01 0.01
TSTEP(µs) 0.1 0.1 0.1 0.2
TMAX(µs) 0.2 0.2 none none

Time (s) (PSpice) 0.94 0.7 0.38 0.34
Time (s) 35.40 34.70 14.38 13.68
Ripple (mVp−p) 388.59 452.71 453.16 417.12
Peak switch current (A) 6.22 6.22 6.23 6.23
RMS switch current (A) 3.65 3.65 3.60 3.71

Switch Type MN6763 MOSFET

RELTOL 0.001 0.01 0.01 0.01
TSTEP(µs) 0.1 0.1 0.1 0.2
TMAX(µs) 0.2 0.2 none none

Time (s) (PSpice) 4.27 2.17 1.64 1.59
Time (s) 191.50 54.70 34.88 33.95
Ripple (mVp−p) 319.94 307.2 321.16 321.16
Peak switch current (A) 6.07 6.34 6.36 6.36
RMS switch current (A) 3.57 3.50 3.59 3.55

The typical graphs of the ripple voltage and switch current for the
first column of each simulation series are shown in Figs. 9.3 and 9.4.

In the case of the switch subcircuit model, the error in the ripple
voltage is due to a “ring” on the upper and lower peaks of the waveform.
This appears to be related to aliasing of the waveform. A telltale sign
of aliasing can be spotted if the waveform is clipped when it should be
smooth. Here are some solutions to the aliasing problem:

� Tighten the maximum time step control (reduce TMAX).
� Take more data points (reduce TSTEP) if the waveform viewer is

viewing interpolated data (output file data points) or TMAX if the
viewer is viewing the noninterpolated internal data points from the
simulator.
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Figure 9.2 Circuit using a power MOSFET subcircuit to represent the MOSFET. The
subcircuit is included on the enclosed CD.
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Figure 9.4 Ripple voltage using the MN6763 MOSFET subcircuit.

� View the noninterpolated simulation data, as opposed to the interpo-
lated .PRINT data that is based on the actual calculated time point
values.

Another possible cause is the spurious oscillations that can appear
when trapezoidal integration is used. A solution to this phantom ringing
problem is to use the Gear integration method rather than the trape-
zoidal integration method, which is the default for SPICE3. In general,
the Gear method, in conjunction with a slightly reduced RELTOL value,
yields simulation speeds that are similar to those of the trapezoidal
method. Although the Gear integration method is somewhat slower,
fewer time points will be rejected and therefore the total number of
required time points will be reduced.

PSpice uses a modified trapezoidal Gear method that is a combina-
tion of trapezoidal and Gear integration. This algorithm is always in
effect and will tend to produce a response that is somewhere between
what SPICE 3 will provide for either pure trapezoidal or pure Gear
integration.

The Gear integration method and the most liberal parameters (the
last column) were selected, and the two circuits were simulated again.
The results are provided below.
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Switch Type Switch Subcircuit MN6763 MOSFET

RELTOL 0.01 0.01
TSTEP (µs) 0.2 0.2
TMAX (µs) none none
Method Gear Gear
Time (s) 16.97 230.30
Method Modified trap Gear Modified trap Gear
Time (s) (PSpice) 0.3* 1.59
Ripple (mVp−p) 299.10 296.90
Peak switch current (A) 6.22 6.08
RMS switch current (A) 3.68 3.60

∗ The speed is bound by disk IO and not processor speed. A longer simulation reveals that
the speed gain for the switch subcircuit version over the MN6763 MOSFET version is in the
range of 3.5:1.

The simulation times were slightly longer in the SPICE 3 case, but
the results were much more accurate, especially with respect to the
ripple voltage.

As you can see from the results, there is a significant difference in
simulation speed between the runs with the switch subcircuit model
and the runs with the MOSFET model. The effects of tolerances, simu-
lator options, and Gear integration are evident. The fastest simulation
ran 13 times faster than the slowest simulation.

On the basis of these measurements, as well as many other simula-
tions, the following recommendations are offered as a starting point for
the transient simulation of power switching circuits:

Recommended Transient Parameters
Coarse Analysis
RELTOL=0.01
Method=Gear or modified trapezoidal Gear
ABSTOL/VNTOL = 8 orders of magnitude below the
maximum circuit current and voltage
TSTEP=1/(25 × Switching Frequency)
TMAX=1/(10 × Switching Frequency)
Fine Analysis
RELTOL=0.001 (Default)
ABSTOL/VNTOL = Default
TSTEP=1/(100 × Switching Frequency)
TMAX=1/(25 × Switching Frequency)
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Each of the circuits was simulated using the recommended parame-
ters. The results are as follows:

Switch Type Switch Subcircuit MN6763 MOSFET

Time (s) 14.10 171.50
Ripple (mVp−p) 299.28 296.82
Peak switch current (A) 6.22 6.08
RMS switch current (A) 3.71 3.60

Output Stage Complexity

The SEPIC converter model was completed via the addition of the con-
trol circuitry. The purpose of the analysis was to determine the output’s
transient response when the circuit was subjected to a load step from
2.4 to 1.4 A, and from 1.4 to 2.4 A. Because we are not particularly
interested in the dynamics of the MOSFET, the switch subcircuit was
used in order to increase the simulation speed. The schematic for the
model is shown in Fig. 9.5.
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Figure 9.5 SEPIC converter circuit and netlist.
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SEPIC: SEPIC CONVERTER
.PROBE
.TRAN .2U 2M 1M .5U UIC
∗V(4)=VOUT
∗ V(2)=VRECT
∗ V(7)=VDS
∗ V(5)=ESR
∗ V(11)=GATE
∗ V(9)=COMP
.PRINT TRAN V(4) V(2) V(7) I(V2)
.PRINT TRAN V(5) V(11) V(9)
L2 0 2 100U IC=2.5
C1 7 2 5U IC=24 V1 1 3 24
D1 2 4 DN5811
C2 4 5 47U IC=24
R1 4 0 10
V2 7 6
R2 5 0 .01
C3 7 8 22U IC=24
R3 8 2 2.2
X1 9 10 0 3 0 11 12 13 CS322
V3 12 0 15
R4 3 0 .1
V4 13 0 .5
R5 10 0 11.6K
R6 4 10 100K
R7 10 14 100K
C4 14 9 2.2N
I1 0 4 PULSE 0 1 1010U 1U 1U 400U
X2 6 0 11 SWITCH
L1 1 7 100U IC=2.5
.END

The results of the transient step load response are shown in Fig. 9.6
for two versions of the CS322 controller model: one using a detailed
output driver structure and one using a simplified behavioral output
driver model. In the full-driver version of the CS322, the output stage
is constructed using transistors and diodes. The behavioral version es-
sentially uses a simple voltage-controlled voltage source as the output
signal driver. A summary of the results is shown below.

Library Full Model Behavioral Models

Time (s) 798.00 168.45
Total iterations 174694.00 40804.00
Time points 36133.00 12157.00
Memory used (MB) 10.52 6.77
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Figure 9.6 SEPIC converter transient response.

As you can see from the data above, the reduced driver complexity re-
sults in a considerably faster simulation. The exact output driver model
is therefore recommended only when the output driver and switching
MOSFET characteristics are of interest. In all other instances, the re-
duced complexity version achieves significant speedup with a minimal
loss of accuracy.

.OPTIONS

An experiment was conducted to determine the effect of tolerances on
the simulation speed and accuracy of transient simulations. The re-
sults were both interesting and surprising and led to a method that
significantly improves simulation speed without sacrificing accuracy.

Several dozen circuits were selected, and initial simulations were
performed. The simulation times and output results were recorded.

Various tolerances, the quantity of saved data, and the graphics res-
olution were altered, and the simulations were performed again.

The following were found to be the most significant contributors to
simulation speed and accuracy. They are listed in the order of decreas-
ing sensitivity. Please note that the following list is based on many
parameters and may have a varying degree of effect on your simula-
tions.
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� Internal tolerance defaults
� External tolerance values
� Marching waveform display
� Amount of data saved

The following table lists the initial and final results of four simula-
tions.

Circuit UPS SEPIC FWD∗ CS322

Initial simulation time (s) 217.50 188.60 406.10 214.53
Final simulation time (s) 119.00 100.52 304.60 127.00
% Speed improvement 45.29 46.70 24.99 40.80

∗ Note that the FWD circuit did not show as much of an improvement as the other circuits
because many of the .OPTIONS parameters were already being used.

The table below provides the average improvement for each modifi-
cation to the simulation.

Improvement
Modification (%)

Changed TRTOL to 100 (when used with TMAX) 25
Changed ABSTOL to 0.01 µs and VNTOL to 10 µs 10
No marching waveform display 5
Removed PRINT statements for all vectors except

those which were required and increased TSTEP
value

5

The results of the final simulation were nearly identical to those of
the initial simulation; no accuracy was sacrificed.

State Machine Models

State machine models are a new addition to SPICE 3. They allow
very large blocks of digital circuitry to be modeled easily and simu-
lated quickly. The XSPICE state machine model is written in an AHDL
language based on C [5,36]. The SPICE simulators that have incorpo-
rated the public domain XSPICE extensions from the Georgia Insti-
tute of Technology will have access to this state machine element. The
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behavior of each state machine is defined in a separate ASCII text file.
You may have as many state machines in the circuit as desired.

An example of a sine-wave ROM, which is given in Chap. 7 of this
book, demonstrates the speed improvement brought about by the use of
the state machine (nearly a fivefold improvement over the simulation
using discrete gates).

For more information on state machine modeling, see [5].

Hardware Considerations

SPICE is one of the most demanding applications that you can run –
from both a memory and computational standpoint. In general, SPICE
simulations of a design under investigation are run literally hundreds
of times. Therefore, any improvement in simulation speed, whether
from transient settings, .OPTION settings, or computer performance,
is multiplied many times. If time is worth money, a user of SPICE is
justified in having the fastest PC available on the market at the time.

Longer simulation times, tighter simulation tolerances, more saved
data, or smaller time steps will increase the memory requirements con-
siderably. It is not unreasonable to use several gigabytes of RAM.

If a simulation requires more RAM than is available in your computer,
it will automatically use swap space on the hard disk. Although this
allows the simulation to be completed, the access time of the hard disk
is considerably slower (order of magnitude) than that of the RAM. If
you see that the hard disk is active during the course of a simulation,
it is a good indication that your system would benefit from additional
RAM.
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10
Solving Convergence and

Other Simulation Problems

Simulation Convergence – Quick Fix

If you encounter a convergence problem, change the .OPTIONS settings
you are using to the following:

� ABSTOL = 0.01µ (Default=1p)
� VNTOL = 10µ (Default=1µ)
� GMIN = 0.1n (Default=1p)
� RELTOL = 0.05 (Default=0.001)
� ITL4 = 500 (Default=10)

These settings will cure most simulation convergence problems unless
there is an error in your circuit description.

Repetitive or Switching Simulations

Switching simulations refer to simulations that have a significant num-
ber of repetitive cycles, such as those found in SMPS simulations. SMPS
simulations can experience a large number of rejected time points. Re-
jected time points are due to the fact that PSpice has a dynamically
varying time step that is controlled by constant tolerance values (REL-
TOL, ABSTOL, VNTOL). An event that occurs during each cycle, such
as the switching of a power semiconductor, can trigger a reduction in
the time step value. This is caused by the fact that PSpice attempts
to maintain a specific accuracy and adjusts the time step in order
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to accomplish this task. The time step is increased after the event,
until the next cycle, when it is again reduced. This time step hysteresis
can cause an excessive number of unnecessary calculations. To correct
this problem, we can regress to a SPICE 2 methodology and force the
simulator to have a fixed time step value.

To force the time step to be a fixed value, set the TRTOL value to 25,
i.e., .OPTIONS TRTOL =25. The default value is 7. The Trtol parameter
controls how far ahead in time SPICE tries to jump. The value of 25
causes PSpice to try to jump far ahead. Then set TMAX (maximum
allowed time step) in the .TRAN statement to a value that is between
1/10 and 1/100 of the switching cycle period. This has the opposite effect;
it forces the time step to be limited. Together, they effectively lock the
simulator time step to a value that is between 1/10 and 1/100 of the
switching cycle period and eliminate virtually all of the rejected time
points. These settings can result in over a 100% increase in speed!

Note: In order to verify the number of accepted and rejected time
points, you may issue the .OPTIONS ACCT parameter and view the
summary data at the end of the output file.

If this does not help the simulation converge, proceed to the next
section that has more details.

Simulation Convergence

The answer to a nonlinear problem, such as those in the SPICE DC
and transient analyses, is found via an iterative solution. For example,
PSpice makes an initial guess at the circuit’s node voltages and then,
using the circuit conductances, calculates the mesh currents. The cur-
rents are then used to recalculate the node voltages, and the cycle begins
again. This continues until all the node voltages settle to values that are
within specific tolerance limits. These limits can be altered using vari-
ous .OPTIONS parameters such as RELTOL, VNTOL, and ABSTOL.

If the node voltages do not settle down within a certain number of
iterations, the DC analysis will issue an error message such as “No con-
vergence in DC analysis,” “Singular matrix,” “GMIN stepping failed,” or
“Source stepping failed.” PSpice will then halt the run because both the
AC and transient analyses require an initial stable operating point in
order to proceed. During the transient analysis, this iterative process
is repeated for each individual time step. If the node voltages do not
settle down, the time step is reduced and PSpice tries again to deter-
mine the node voltages. If the time step is reduced beyond a specific
fraction of the total analysis time, the transient analysis will issue the
error message “Time step too small,” and the analysis will be halted.

Convergence problems come in all shapes, sizes, and disguises, but
they are usually related to one of the following:
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� Circuit topology
� Device modeling
� Simulator setup

The DC analysis may fail to converge because of incorrect initial
voltage estimates, model discontinuities, unstable/bistable operation,
or unrealistic circuit impedances. Transient analysis failures are usu-
ally due to model discontinuities or unrealistic circuit, source, or para-
sitic modeling. In general, you will have problems if the impedances, or
impedance changes, do not remain reasonable. Convergence problems
will result if the impedances in your circuit are too high or too low.

The various solutions to convergence problems fall under one of two
types. Some are simply band aids that merely attempt to fix the symp-
tom by adjusting the simulator options. Other solutions actually affect
the true cause of the convergence problems.

The following techniques can be used to solve a majority of con-
vergence problems. When a convergence problem is encountered, you
should start at solution 0 and proceed with the subsequent suggestions
until convergence is achieved. The sequence of the suggestions is struc-
tured so that they can be incrementally added to the simulation. The
sequence is also defined so that the initial suggestions will be of the most
benefit. Note that suggestions that involve simulation options may sim-
ply mask the underlying circuit instabilities. Invariably, you will find
that once the circuit is properly modeled, many of the “options” fixes
will no longer be required!

General Discussion

Many power electronics convergence problems can be solved with
the .OPTIONS GMIN parameter. GMIN is the minimum conductance
across all semiconductor junctions. The conductance is used to keep
the matrix well conditioned. Its default value is 1E-12 mhos. Setting
GMIN to a value between 1n and 10n will often solve convergence prob-
lems. Setting GMIN to a value greater than 10n may cause convergence
problems.

GMIN stepping is an algorithm in PSpice and SPICE 3 that greatly
improves DC convergence. This algorithm uses a constant minimal
junction conductance that keeps the sparse matrix well conditioned
and a separate variable conductance to ground at each node, which
serves as a DC convergence aid. The variable conductances cause the
solution to converge more quickly. They are then reduced, and the solu-
tion is recomputed. The solution is eventually found with a sufficiently
small conductance. Then the conductance is removed entirely in order to
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obtain a final solution. This technique has proven to work very well, and
PSpice selects it automatically when convergence problems occur. The
suggestion of increasing the .OPTIONS GMIN value to solve DC and
operating point convergence problems is performed automatically by
this new algorithm.

GMIN may still be increased (relaxed) for the entire AC or transient
simulation by setting an alternate .OPTIONS GMIN value.

PSpice does not always converge when relaxed tolerances are used.
One of the most common problems is the incorrect use of the .OPTIONS
parameters. For example, setting the tolerance option, RELTOL, to a
value greater than 0.01 will often cause convergence problems.

Setting the value of ABSTOL to 1µ will help in the case of circuits
that have currents larger than several amperes. Again, do not overdo
this setting. Setting ABSTOL to a value that is greater than 1µ may
cause more convergence problems than it will solve.

After you have performed a number of simulations, you will discover
the options that work best for your circuit. Very often, various options
will be needed as the circuit topology is developed. Invariably, you will
find that after you have debugged your circuit representation, and if
your components are well modeled, most of the options can be removed.

If all else fails, you can almost always get a circuit to simulate in
a transient simulation if you begin with a zero voltage/zero current
state. This makes sense if you consider the fact that the simulation
always starts with the assumption that all voltages and currents are
zero. The simulator can almost always track the nodes from a zero
condition. Running the simulation will often help uncover the cause of
the convergence failure.

The above recommendation is only true if your circuit is constructed
properly. Most of the time, minor mistakes are the cause of convergence
problems. Error messages will help you track down the problems;
however, a good technique is to scan each line of the netlist and look
for anomalies. It may be tedious, but it is a proven way to weed out
mistakes.

Not all convergence failures are a result of the PSpice software! Con-
vergence failures may identify many circuit problems. Check your cir-
cuits carefully, and do not be too quick to blame the software.

DC Convergence Solutions

0. Check the circuit topology and connectivity.
Common mistakes and problems:
� Make sure that all the circuit connections are valid. Also, verify

component polarity.
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� Check for syntax mistakes. Make sure that you used the correct
SPICE units (e.g. MEG instead of M(mega) for 1E6).

� Make sure that there is a DC path from every node to ground.
� Make sure that voltage/current generators use realistic values, es-

pecially for rise and fall time.
� Make sure that dependent source gains are correct, and that E and

G element expressions are reasonable. If you are using division in
an expression, verify that division by zero cannot occur or protect
against it with a small offset in the denominator.

1. Increase ITL1 to 400 in the .OPTIONS statement.
Example: .OPTIONS ITL1=400

This increases the number of DC iterations that PSpice will perform
before it gives up. In all but the most complex circuits, further in-
creases in ITL1 will not typically aid convergence.

2. Add .NODESETs
Example: .NODESET V(6)=0

View the node voltage/branch current table in the output file. PSpice
produces one even if the circuit does not converge. Add .NODESET
values for the top-level circuit nodes (not the subcircuit nodes) that
have unrealistic values. You do not need to nodeset every node. Use a
.NODESET value of 0V if you do not have a better estimation of the
proper DC voltage. Caution is warranted, however, for an inaccurate
.NODESET value may cause undesirable results.

3. Add resistors and use the OFF keyword.
Example: D1 1 2 DMOD OFF

RD1 1 2 100MEG
Add resistors across diodes in order to simulate leakage. Add resis-
tors across MOSFET drain-to-source connections to simulate realis-
tic channel impedances. This will make the impedances reasonable
so that they will be neither too high nor too low. Add ohmic resis-
tances (RC, RB, RE) to transistors. Use the .OPTIONS statement to
reduce GMIN by an order of magnitude.

Next, you can also add the OFF keyword to semiconductors (espe-
cially diodes) that may be causing convergence problems. The OFF
keyword tells PSpice to first solve the operating point with the device
turned off. Then the device is turned on, and the previous operating
point is used as a starting condition for the final operating point
calculation.

4. Use PULSE statements to turn on DC power supplies.
Example: VCC 1 0 15 DC
becomes VCC 1 0 PULSE 0 15

This allows the user to selectively turn on specific power supplies.
This is sometimes known as the “pseudo-transient” startup method.
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Use a reasonable rise time in the PULSE statement to simulate
realistic turn on.
For example,

V1 1 0 PULSE 0 5 0 1U

will provide a 5-V supply with a turn-on time of 1 µs. The first value
after 5 (in this case, 0) is the turn-on delay, which can be used to
allow the circuit to stabilize before the power supply is applied.

5. Add UIC (use initial conditions) to the .TRAN statement.
Example: .TRAN .1N 100N UIC

Insert the UIC (use initial conditions) keyword in the .TRAN
statement. UIC will cause PSpice to completely bypass the DC anal-
ysis. You should add any applicable .IC and IC (initial conditions)
statements to assist in the initial stages of the transient analysis.
Be careful when you set initial conditions, for a poor setting may
cause convergence difficulties.

AC analysis note: Solutions 4 and 5 should be used only as a last
resort, because they will not produce a valid DC operating point for
the circuit (all supplies may not be turned on and circuit may not be
properly biased). Therefore, you cannot use solutions 4 and 5 if you
want to perform an AC analysis, because the AC analysis must be
preceded by a valid operating point solution. However, if your goal is
to proceed to the transient analysis, then solutions 4 and 5 may help
you and may possibly uncover the hidden problems that plague the
DC analysis.

Transient Convergence Solutions

0. Check circuit topology and connectivity.
This item is the same as item 0 in the DC analysis.

1. Set RELTOL=0.01 or 0.005 in the .OPTIONS statement.
Example: .OPTIONS RELTOL=0.01

This option is encouraged for most simulations, because reducing
RELTOL can increase the simulation speed by 10% to 50%. Only
a minor loss in accuracy usually results. A useful recommenda-
tion is to set RELTOL to 0.01 for initial simulations and then re-
set it to its default value of 0.001 when you have the simulation
running the way you like it and a more accurate answer is re-
quired. Setting RELTOL to a value less than 0.001 is generally not
required.

2. Set ITL4=500 in the .OPTIONS statement.
Example: .OPTIONS ITL4=500
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This increases the number of transient iterations that SPICE will
attempt at each time point before it gives up. Values that are greater
than 500 or 1000 will not usually bring convergence.

3. Reduce the accuracy of ABSTOL/VNTOL if current/voltage
levels allow it.

Example: . OPTION ABSTOL=1N VNTOL=1M
ABSTOL and VNTOL should be set to about 8 orders of magnitude
below the level of the maximum voltage and current. The default val-
ues are ABSTOL=1p and VNTOL=1µ. These values are generally
associated with IC designs.

4. Realistically model your circuit; add parasitics, especially
stray/junction capacitance.
The idea here is to smooth any strong nonlinearities or discontinu-
ities. This may be accomplished via the addition of capacitance to
various nodes and verifying that all semiconductor junctions have
capacitance. Other tips include the following:
� Use RC snubbers around diodes.
� Add capacitance for all semiconductor junctions (3 pF for diodes

and 5 pF for BJTs if no specific value is known).
� Add realistic circuit and element parasitics.
� Watch the real-time waveform display and look for waveforms that

transition vertically (up or down) at the point during which the
analysis halts. These are the key nodes that you should examine
for problems.

� If the .MODEL definition for the part does not reflect the behav-
ior of the device, use a subcircuit representation. This is espe-
cially important for RF and power devices such as RF BJTs and
power MOSFETs. Many model vendors cheat and try to “force
fit” the SPICE .MODEL statement in order to represent a de-
vice’s behavior. This is a sure sign that the vendor has skimped
on quality in favor of quantity. Primitive level 1 or 3 .MODEL
statements cannot be used to model most devices above 200
MHz because of the effect of package parasitics. And .MODEL
statements cannot be used to model most power devices be-
cause of their extreme nonlinear behavior. In particular, if your
vendor uses a .MODEL statement to model a power MOSFET,
throw away the model. It is almost certainly useless for transient
analysis.

5. Reduce the rise/fall times of the PULSE sources.
Example: VCC 1 0 PULSE 0 1 0 0 0
becomes VCC 1 0 PULSE 0 1 0 1U 1U

Again, we are trying to smooth strong nonlinearities. The pulse times
should be realistic, not ideal. If no rise or fall time values are given,
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or if 0 is specified, the rise and fall times will be set to the TSTEP
value in the .TRAN statement.

6. Add UIC (use initial conditions) to the .TRAN line.
Example: .TRAN .1N 100N UIC

If you are having trouble getting the transient analysis to start be-
cause the DC operating point cannot be calculated, insert the UIC
keyword in the .TRAN statement (skip initial transient solution).
UIC will cause PSpice to completely bypass the DC analysis. You
should add any applicable .IC and IC (initial conditions) statements
to assist in the initial stages of the transient analysis. Be careful
when you set initial conditions, for a poor setting may cause conver-
gence difficulties.

7. If your simulator supports it, change the integration method
to Gear.

Example: .OPTIONS METHOD=GEAR
This option causes SPICE 3 to use Gear integration to solve the tran-
sient equations, as opposed to the default method of trapezoidal or
modified trapezoidal integration. The use of the Gear integration
method should be coupled with a reduction in the RELTOL value.
This will produce answers that approach a more stable numerical
solution. Trapezoidal integration tends to produce a less stable so-
lution that can produce spurious oscillations. Gear integration often
produces superior results for power circuitry simulations, because
high-frequency ringing and long simulation periods are often en-
countered.

Modeling Tips

Device modeling is one of the hardest steps encountered in the circuit
simulation process. It requires not only an understanding of the de-
vice’s physical and electrical properties but also a detailed knowledge
of the particular circuit application. Nevertheless, the problems of de-
vice modeling are not insurmountable. A good first-cut model can be
obtained from data sheet information and quick calculations, so the
designer can have an accurate device model for a wide range of appli-
cations.

Data sheet information is generally very conservative, yet it pro-
vides a good first-cut of a device model. To obtain the best results
for circuit modeling, follow the rule: “Use the simplest model possi-
ble.” In general, the SPICE component models have default values
that produce reasonable first-order results. Here are some helpful
tips:
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� Do not make your models any more complicated than they need to be.
Overcomplicating a model will only cause it to run more slowly and
will increase the likelihood of an error.

� Remember: modeling is a compromise.
� Do not be afraid to pull apart your circuit and test individual sections

or even models, especially the ones you did not create.
� Create subcircuits that can be run and debugged independently. Sim-

ulation is just like being at the bench. If the simulation of the entire
circuit fails, you should break it apart and use simple test circuits to
verify the operation of each component or section.

� Document the models as you create them. If you do not use a model
often, you might forget how to use it.

� Be careful when you use models that have been produced by hardware
vendors. Many have limitations on the operating point bounds for
which they can be used.

� Semiconductor models should always include junction capacitance
and the transit time (AC charge storage) parameters.

� If the .MODEL definition for a large geometry device does not reflect
the behavior of the device, use a subcircuit representation.

� Be careful when using behavioral models for power devices. Many
models are not thoroughly tested and work at one operating point but
are highly inaccurate at other operating points.

� And lastly, there is no substitute for knowing what you are
doing!
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ABSTOL settings, 211, 212, 214, 217
AC. See also DC-to-AC conversions

analysis, 13–14, 216
charge storage parameters, 219

Accuracy
performance improvement in, 208–209
PSpice and, 211–212

AEi Systems, 115, 139–142, 198
Analogous quantities, electric/magnetic,

25–35
Apex, SA12 device by, 181
Attenuation, EMI filter, 75–79, 80
Audio susceptibility, 99, 102, 110

flyback converter, 117–120, 121, 123
Average models. See State machine

modeling
Average output current, 103, 116

Battery-powered equipment, 133
Behavioral models, 219
B-H loop model, 37–39, 45, 48–54
Bipolar junction transistors. See BJTs
Bit patterns, DC-to-AC conversions and,

154–156, 157–158
BJTs (bipolar junction transistors),

139–151, 217
Bode response, 98

feedback loop, 138–139
Boolean operations, 6–7
Boost

critical conduction, 194, 198
topology, PFC, 198

Buck topology converters, 91–113
audio susceptibility in, 99, 102, 110
average/state space modeling and,

92–96, 101, 111, 128
continuous mode, 104–105
description of, 91
discontinuous mode simulation in,

99–103, 104–105, 113
governing equations, 103–105
hysteretic switching regulators as,

91–92
improved subcircuits, 103–105

load transient response in, 99, 101
PWM switch in, 95–99, 104, 117
schematic, 103, 105–106
SG1524A as, 96–99, 107–109
simplest, 92–93
slope compensation, 105–106
transient models and, 92–93, 109–113
voltage mode control in, 106

Cadence Design Systems, 203
Capacitance

adding, 217
stray/junction, 217, 219

Circuits/circuit models. See also
Subcircuits

analogous quantities, 25–35
description errors, 211
digital (synchronous), 174, 200
integrated, 181
for performance improvement, 200
realistic, 217
sine-wave power, 160–161
testing, 219
topology problems in, 213, 214, 216

Closed-loop systems
control stability, 137–151
converters, 98–99, 101, 102
performance, 117–120

CMOS charge pump circuit, 134
Compromise, modeling as, 219
Computers

notebook, 133
Pentium/Pentium 4, 112, 201, 202
personal, speed of, 210
personal, UPS for, 164–167

Conductance
GMIN in, 213–214
MOSFET transconductance as, 141

Conduction, 25
critical, 193–198
freewheeling, 103

Connectivity problems, 214
Control

circuitry, 200
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Control (Cont.)
loop stability, linear regulator, 137–151
voltage, 12, 103, 106, 132, 134

Controllers
MC33262, 197
UC3637, 181
UC3854, 198

Convergence
error messages, 214
problems, 211, 212–218
simulation, quick fix, 211
solutions, DC, 213–216
solutions, transient, 216–218

Conversions, DC-to-AC, 153–181
bit patterns, 154–156, 157–158
digital signals, 170–171
filtered output, 174
Fourier results, 157, 160, 170–171,

179–180
harmonic content, 170–171, 174–180
Monte Carlo analysis of, 171
nonlinear loads, 164–167
PWM inverter and, 180–181
sine reference and, 158–164
sine reference, three-phase, and,

167–174
SPICE generated sine ROM in,

153–156, 210
transient analysis/response and,

156–158, 160, 170–171
unfiltered output, 173
waveforms and, 170–174, 180–181
XSPICE and, 156–158, 159, 174–176

Converters
buck topology, 91–113
closed-loop, 98–99, 101, 102
duty cycle, 116–117
efficiency of, 133
flyback, 115–132
input power/voltage, 103, 115, 116
output power/voltage, 103, 116
push-pull, 161–174
SEPIC, 200–205, 206–208

Core modeling, 35–54
B-H loop, 37–39, 45, 48–54
core loss and, 45–46
ferrite, 35, 48–54
MPP, 35, 48–54, 82–86
nonlinear, 17
parameters, 39–45
saturable, 35–36, 38–39
schematics, 44–45, 46–48, 50–52, 55–57

SPICE 2 compatible, 35–45
SPICE 3 compatible, 35, 45–48, 55–58

Coupled inductor model (PSpice), 17,
23–25

Critical conduction. See Conduction
Current

average output, 103, 116
DC output, 126
delta, secondary inductor, 127
density (J), 25
FEDDY and, 42, 43
inductor, 103, 126
input, critical conduction boost, 194,

198
input, single-phase rectifier, 184–186
inrush, 79–82, 86–89
minimum output inductor, 103
minimum primary, 115
output DC, 126
peak output inductor, 103
peak primary, 116
peak secondary, 127
peak switch, 128, 202, 205, 206
RMS, 126, 127, 167, 202, 205, 206
switch, 200
transformer burden resistor, 103, 116
voltage/current relationships and, 22
Xfmr ratio 1:Nc, 103

Damping elements, 70–79
Data

.PRINT, 204, 209
saved, 209
sheet information, 218

DC analysis, 13
solutions/errors, 212–216, 218

DC output resistance, flyback converter,
123–128

DC power supplies, PULSE statements
in, 215–216

DC-to-AC conversions, 153–181
Design

EMI filter, 63–89
flaws, 1
simplicity, 199, 200–206, 218–219

Development phase, project, 199–206
Digital (synchronous) circuits, 174, 200
Digital logic functions, 6–7
Digital signals, DC-to-AC conversion,

170–171
Diode resistance, effective, 127
Discontinuous flyback converter, 189–192
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Discontinuous mode simulation, 99–103,
104–105, 113

Documenting models, 219
Duality transformation, 27–28
Duty cycle, 126, 131

converter, 116–117
freewheeling conduction, 103
switch on-time, 103

Eddy current critical frequency. See
FEDDY

E-E core, 31
Efficiency factor, 116
Electric circuit analogous quantities,

25–35
Electric field (E) intensities, 25
Electromagnetic interference filters. See

EMI filters
EMF(V), 25
EMI (electromagnetic interference) filters,

16
attenuation, 75–79, 80
damping elements, 70–79
design, 63–89
fourth-order, 74–79
harmonic content and, 65–70
impedance and, 69–79
inrush current, 79–82, 86–89
MPP cores in, 82–86
negative resistance and, 64–65
purpose of, 63
requirements of, 63–65

Equivalent series resistance. See ESR
Errors

circuit description, 211
DC analysis, 212–216, 218
messages, convergence, 214
modeling, 18–19
offset, amp output, 115

ESR (equivalent series resistance), 20,
126

European Union, 183
Evaluation, 5
Expression, 5
external ramp, flyback converter, 131
External tolerance values, 209

FEDDY (eddy current critical frequency),
42, 43

Feedback stability, 137–151
Bode plot in, 138–139
schematics, 138, 140

Ferrite cores, 35, 48–54
Filters. See also EMI (electromagnetic

interference) filters
fourth-order, 74–79
LC, 181
output, inductance, 103
RC, 181

Flux density (B), 25
Flyback converter, 115–132

audio susceptibility, 117–120, 121, 123
DC output resistance, 123–128
discontinuous, 189–192
dual output, 117–120, 126–127
external ramp, 131
feedforward signal, 121–123, 127
gain/phase, 117–120
governing equations, 116–117
off-line, 128–130
popularity, 115
schematics, 115–116, 117–120,

126–127, 128–130, 131
simulating regulation of, 125–128
slope compensation, 131
subcircuit, 115–117
time domain model, 128–130
transient model, 123–125, 128–130
voltage mode control, 132

.FOUR analysis, 66–67, 154
Fourier results

in DC-to-AC conversions, 157, 160,
170–171, 179–180

discontinuous flyback converter, 190
PFC, 186, 190, 195–196
SPICE-based, 15
three-phase rectifier, 186

Frequency
FEDDY, 42, 43
high, winding effects, 58–62
low, hysteresis, 45
mixing, 14
pole, 146, 148, 149–151
switching, 103, 116, 126

Gain/phase
amplifier, 98, 100
flyback converter, 117–120
modulator, 98, 99, 109–110
open-loop, 98, 100, 102, 108–109, 137
P-channel MOSFET, 146

Gear integration method, 204–205, 218
Georgia Institute of Technology, 209
GMIN parameter, 213–214
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Hardware
considerations, 210
vendors, models from, 219

Harmonic content
calculating, 69–70, 128
in DC-to-AC conversions, 170–171,

174–180
defining, 65–70
EMI filters and, 65–70
European Union on, 183
in PFC, 183, 184–197, 198

Harmonic neutralized inverter
full-bridge, 174–176, 177, 179–180
half-bridge, 176, 178

Hewlett Packard network analyzer
(3577), 137

Hysteresis
low frequency, 45
time step, 212

Hysteretic switching regulator, 91–92

IC (initial conditions), 218
Ideal

components, in SPICE, 20–23
components, voltage/current, 22
inductors, 82
transformer, in PSpice, 17, 18

If-Then-Else examples, 5–7
Impedance

calculating, 69–79
P-channel MOSFET output, 147

Inductor current
minimum/peak output, 103
secondary leakage and, 126

Inductors
coupled, in PSpice, 17, 23–25
linear, in PSpice, 17
MPP, 82–86

Initial conditions. See IC
Initial Transient Solution, 12
Inrush current, EMI filter, 79–82, 86–89
Integrated circuit devices, 181
Integrated magnetic structures, 33–35
Integration methods

Gear, 204–205, 218
trapezoidal, 202–204
trapezoidal/Gear methods (SPICE 3),

202–205, 218
ITL1/ITLA4 (.OPTIONS), 215, 216–217

Junction capacitance, 217, 219
Junction transistors, bipolar. See BJTs

LC filter, 181
Leakage, simulating, 24, 215
Linear inductor, in PSpice, 17
Load transient response, 99, 101
Low drop-out linear regulators. See

Regulators, low drop-out linear

Magnetic components. See also EMI
(electromagnetic interference) filters

analogous quantities, 25–35
constructing transformer and, 54–58
core modeling, 35–54
integrated structures in, 33–35
introduction to, 17–19
permeability (µ) and, 25, 29, 45–48,

49–51
power transformers and, 115
PSpice models, 2–19, 17, 23–25, 55
reluctance/physical models, 19, 25–35,

37–39
SPICE modeling of, 17–62
winding effects and, 58–62

Magnetic field (H) intensities, 25
MMF (F), 25, 36
.MODEL statement (SPICE), 217, 219
Models/modeling. See also specific topics

as compromise, 219
documenting, 219
errors, 18–19
flyback converter, 123–125, 128–130
nonlinear transient, 92–93, 112–113
physical, 19, 25–35, 37–39
Pi, 24, 31, 32
problems, 213, 218–219
PWLGEN, 174–176
reluctance, 19, 25–35
simplicity in, 199, 200–206, 218–219
tips, 218–219

Modulator gain/phase, 98, 99, 109–110
Molypermalloy powder. See MPP

(molypermalloy powder)
Money, saving, 1
Monte Carlo analysis, 1, 15–16, 171
MOSFET

AEi Systems, 139–142
critical conduction PFC and, 197
drain-to-source connections, 215
as limiter, 89
linear regulator, 133–135, 138–151
on-time, 103, 116–117
P-channel, gain/phase, 143–146
P-channel, output impedance, 147
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in performance improvement, 200–206,
208

power, 217
simple models and, 200
subcircuit, 203, 204–206
switch elements and, 9
switching speed, 113
transconductance, 141
voltage/output ripple, 111

MPP (molypermalloy powder), 35, 48–54,
82–86

Network analyzers, 137
.NODESET, in simulation problems, 215
Nonlinear core models, 17
Nonlinear loads, DC-to-AC conversions

and, 164–167
Nonlinear transient models, 92–93,

112–113

OFF keyword, using, 215
Offset Error Amp Output, 115
ON Semiconductor, MC33262 PFC

controller, 197
Open-loop gain/phase, 98, 100, 102,

108–109, 137
Operating point analysis, 11–12
Optimizer analysis, 16
.OPTIONS parameters, 200–206,

208–209, 210, 211–212, 213
ITL1/ITLA4 in, 215, 216–217
in simulation problems, 211–212,

213–214, 216–218
ORCad Capture, 2–3, 11
Output

DC current, 126
filter inductance, 103
impedance, P-channel MOSFET, 147
stage complexity, 206–208

Output capacitor
ESR, 126
RMS current, 127

Output Value, 5

P4 3-GHz computers, 112
Parameters. See also .OPTIONS

parameters
AC charge storage, 219
core modeling, 39–45
GMIN, 213–214
TMAX/TSTEP, 200, 202, 205, 212
transient, 200, 205–206

transit time, 219
Parasitics, adding, 217
Passive components, SPICE, 20–21
Peak current

output inductor, 103
primary, 116
secondary, 127
switch, 128, 202, 205, 206

Pentium computers, 112, 201, 202
Performance improvement, simulation

accuracy and, 208–209
building circuit models for, 200
hardware considerations, 210
hints on, 199–200
model simplicity in, 199, 200–206
MOSFET representations in, 200–206,

208
.OPTIONS parameters in, 200–206
output stage complexity in, 206–208
.PRINT data in, 204, 209
ripple and, 200–204, 206
for speed, 199, 200, 208–209, 210
with SPICE, 199–210
switch types in, 202–206

Permeability (µ), 25, 29, 45–48, 49–51
PF (power factor)

definition of, 183–184
in single-phase rectifier, 184–186

PFC (power factor correction), 183–198
boost mode, 198
critical conduction, 193–198
European Union on, 183
flyback converter in, 189–192
Fourier results, 186, 190, 195–196
harmonic content in, 183, 184–197, 198
single-phase transformer rectifier and,

184–186
transient response and, 186, 190,

195–196
UC3854 controllers for, 198

Physical models, 19, 25–35, 37–39
Pi model, 24, 31, 32
Polarity, component, 214
Power factor. See PF
Power factor correction. See PFC
Power IC Model Library, PSpice, 101, 109,

115, 198
Power supply

DC, PULSE statements in, 215–216
dual output, 126–127
polyphase, 33
simulation strategies, 93, 94
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Power supply (Cont.)
UPS, 153, 158, 164–167

Power Xfmr ratio Ns/Np, 103
Power/power devices. See also

Transformers
behavioral models for, 219
circuits, sine-wave, 160–161
converter input, 103, 116
converter output, 116
MOSFET, 217
transformer ratio, 115

.PRINT data, 204, 209
Problems, simulation, 211–219. See also

Errors
AC analysis, 216
circuit testing, 219
circuit topology, 213, 214, 216
connectivity, 214
convergence, 211, 212–218
data sheet information in, 218
DC convergence, 214–216, 218
modeling, 213, 218–219
.MODEL definitions in, 217, 219
.NODESET in, 215
OFF keyword in, 215
.OPTIONS settings in, 211–212,

213–214, 216–218
PSpice and, 211–212, 213–215, 216
PULSE sources/statements in,

215–216, 217–218
resistors in, 215
simulator setup, 213
SPICE in, 217, 218
syntax mistakes in, 215
time step, 211–212
transient analysis, 212–213
transient convergence, 216–218
UIC/.TRAN statement in, 212, 216, 218
waveforms in, 217

Propagation delay, 116
“Pseudo-transient” startup method, 215
PSpice, 2–4. See also SPICE

accuracy and, 211–212
coupled inductor model, 17, 23–25
E element, 105
equivalent examples, 5
GMIN stepping in, 213–214
ideal transformer in, 17, 18
If-Then-Else examples in, 5–7
improving performance and, 202
linear inductor in, 17
model, nonlinear core, 17

models, magnetic component, 2–19, 17,
23–25, 55

Power IC Model Library for, 101, 109,
115, 198

reasons for selecting, 2–3
simulation problems and, 211–212,

213–215, 216
smooth transition switches, 10–11
.STEP command, 67–68, 69, 71–72, 76
switch elements, 8–9
trapezoidal/Gear method in, 204
UIC in, 216, 218

Pulse load responses, 140–141
PULSE sources/statements, 215–216,

217–218
Pulse width modulator. See PWM
Push-pull converters, 161–174
PWLGEN modeling, 174–176
PWM (pulse width modulator)

inverter, 180–181
switch, 95–99, 104, 117

RAM size, performance and, 210
RC

filter, 181
snubbers, 217

Rectifiers
single-phase transformer, 184–186
three-phase transformer, 186–189

Regulation, flyback converter, 125–128
Regulators

hysteretic switching, 91–92
SG1524A buck, 96–99, 107–109
three-terminal, 133, 147–151

Regulators, low drop-out linear, 133–151
BJT, 142–151
control loop stability, 137–151
frequency pole, 146, 148, 149–151
headroom measurement, 134–135
MOSFET, 133–135, 138–151
pulse load responses in, 140–141
ripple rejection in, 136–137
schematics, 134, 140
transient response in, 135–136

RELTOL option, 200, 202, 205, 211, 212,
214, 216, 218

Reluctance models, 19, 25–35, 37–39
Repetitive simulations, 211–212
Resistance, 25

chart, R-L-C components, 20–21
effective average/diode, 127
input, analysis, 65
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negative, defining, 64–65
secondary, transformer, 126

Resistors
adding, 215
current transformer burden, 103, 116

Ringing, phantom, 202–204
Ripple

evaluating, 200
MOSFET, 111
output, 111, 128
in performance improvement, 200–204,

206
rejection, 136–137

R-L-C components, resistance chart,
20–21

RMS voltage
in nonlinear loads, 167
secondary current, 126, 127
switch current, 202, 205, 206

SA12 device (Apex), 181
Safety, promoting, 2
Saturable core modeling, 35–36, 38–39
Semiconductor models, 219
Sensitivity analysis, 13
SEPIC converter, 200–205, 206–208
Setup, problems, 213
SG1524A buck regulator, 96–99, 107–109
Shockley’s equation, 147–148, 149
Simulation. See also Performance

improvement, simulation; Problems,
simulation

convergence, quick fix, 211
discontinuous mode, 99–103, 104–105,

113
of flyback converter regulation, 125–128
leakage, 24, 215
Monte Carlo, 1, 15–16, 171
reasons for, 1–2
repetitive/switching, 211–212
SMPS, 211
strategies, power supply, 93, 94
switching, 211–212
transformer, SPICE, 21–23
worst-case, 1–2, 15–16

Sine-wave
power circuit, state machine modeling

for, 160–161
reference, DC-AC conversions and,

158–164, 167–174
reference, three-phase, 167–174
ROM, SPICE generated, 153–156, 210

Slope compensation
buck topology converter, 105–106
flyback converter, 131

Small Signal Bias Solution, 12
SMPS simulations, 211
Software, included, 11
Speed, simulation, 199, 200, 208–209, 210
SPICE. See also PSpice

Apex support for, 181
Berkeley, 3–5
BJT device, 139–151
critical conduction PFC, 193, 197–198
demands of, 210
effective use of, 200
as evolving program, 199
.FOUR analysis, 66–67, 154
hardware considerations, 210
ideal components in, 20–23
modeling, for audio susceptibility,

117–120
modeling, of magnetic components,

17–62
.MODEL statement, 217, 219
passive components, 20–21
performance improvement with,

199–210
simulating transformer using, 21–23
simulation problems and, 217, 218
sine-wave ROM generated by, 153–156,

210
syntax mistakes in, 215
transient iterations, 217
working knowledge of, 2

SPICE 2, 2, 4, 212
compatible core model, 35–45

SPICE 3, 2, 3–4, 201
compatible core model, 35, 45–48, 55–58
GMIN stepping in, 213
state machine models in, 209–210
switch elements, 7–8
trapezoidal/Gear methods in, 202–205,

218
XSPICE in, 156–158, 159, 174–176,

209–210
SPICE-based analyses types, 11–16

AC, 13–14
DC, 13
Fourier, 15
Monte Carlo, 15–16
operating point, 11–12
optimizer, 16
sensitivity, 13
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SPICE-based analyses types (Cont.)
temperature, 15
transfer function, 12–13
transient, 14–15
worst-case, 15–16

State machine modeling, 92–96, 101, 111,
128

for digital (synchronous) circuits, 174,
200

PWLGEN modeling v., 174
for sine-wave power circuit, 160–161
SPICE 3, 209–210
in XSPICE, 156–158, 159, 209–210

Step load response, 111, 207–208
.STEP command (PSpice), 67–68, 69,

71–72, 76
Subcircuits

buck topology converter, 103–105
flyback converter, 115–117
maximizing use of, 200
MOSFET, 203, 204–206
switch, 202, 203
testing, 219
voltage output, 115

Switches/switching, 211–212. See also
specific topics

average/state space, 92–96, 101, 111,
128

current, 200
current, peak, 128, 202, 205, 206
duty cycle, 103
frequency, 103, 116, 126
hysteretic, 91–92
max, duty cycle limit, 103
MOSFET, 9, 113
nonlinear transient, 92–93, 112–113
in performance improvement, 202–206
PSpice and, 8–9, 10–11
PWM, 95–99, 104, 117
RELTOL, 202, 205
repetitive, 211–212
RMS voltage and, 202, 205, 206
smooth transition, 10–11
SPICE 3 and, 7–8
subcircuit, 202, 203
TMAX /TSTEP, 200, 202, 205, 212

Syntax
mistakes, 215
SPICE 3, 7–8

Temperature analysis, 15
Time

domain model, 128–130
saving, 1
step, 211–212
transit, 219

TMAX settings, 200, 202, 205, 212
Tolerance defaults, internal, 209
.TRAN statement, 212, 216, 218
Transfer function analysis, 12–13
Transformers. See also Rectifiers

constructing, 54–58
current, burden resistor, 103, 116
ideal, 17, 18
junction, 18
magnetizing, 115
mesh, 18–19
n-layer, 31–32
ratio, current, 116
ratio, power, 115
secondary inductance/resistance, 126
simulating, using SPICE, 21–23
turns ratio, 126
types, 18–19
winding effects, high frequency, 58–62
winding, four or more-, 24–25, 33
winding, three-, 24
winding, two-, 24, 30, 31, 55–57

Transient analysis/response, 14–15
DC-AC conversions, 156–158, 160,

170–171
flyback converter, 123–125, 128–130
linear regulator, 135–136
parameters, 200, 205–206
PFC and, 186, 190, 195–196
problems, 212–213

Transient switching models, 92–93,
109–113

step load response, 111, 207–208
Transistors, simple models and, 200
Trapezoidal integration. See Integration

methods
TRTOL settings, 212
TSTEP settings, 200, 202, 205, 212
Turn-on response, 112–113

UC3637 controllers, 181
UC3854 controllers, 198
UIC (use initial conditions), 216, 218
Uninterruptible power supplies. See UPS
UPS (uninterruptible power supplies),

153, 158, 181
for personal computers, 164–167

Use initial conditions. See UIC
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Veneable network analyzer, 137
VNTOL settings, 211, 212, 217
Voltage

control, 12, 103, 106, 132, 134
converter input, 103, 115, 116
converter output, 103, 116
mode converter, 96–99
MOSFET, 111
output, turn-on response of, 112–113
ripple, 111, 128, 136–137, 200–204, 206
RMS, 126, 127, 167, 202, 205, 206
subcircuit output, 115

Waveforms
aliasing of, 202
critical conduction boost, 194, 198
DC-to-AC conversions and, 170–174,

180–181
discontinuous flyback converter, 190
display, machine, 209

improved stepped, 171–174
quasi-square, 170
real-time, 217
in simulation problems, 217
single-phase rectifier, 184–186
square, 170
three-phase rectifier, 186, 188
triangle, 180–181

Winding
effects, high frequency, 58–62
transformers, four or more-, 24–25, 33
transformers, three-, 24
transformers, two-, 24, 30, 31, 55–57

Windows 3.11, 201
Worst-case analysis, 1–2, 15–16

Xfmr ratio, 103
XSPICE. See PWLGEN modeling;

SPICE 3
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